Design of an Integrated mm-wave Area and Energy-Efficient Analog
(RF) Beamformer

by
Ehsan Khodarahmi

A thesis submitted in partial fulfillment of the requirements for the degree of
Doctor of Philosophy
in

Integrated Circuits and Systems

Department of Electrical and Computer Engineering

University of Alberta

© Ehsan Khodarahmi, 2024



Abstract

The rising demand for high-data-rate services has led to increased congestion in tra-
ditional low-GHz RF wireless communication channels. To alleviate this bandwidth
shortage, higher-frequency bands like millimeter-wave and sub-THz frequencies are
used. However, these higher-frequency signals suffer from greater path losses, limiting
their communication range. Directional and phased array antennas have emerged as
solutions to this challenge, enabling the focused transmission or reception of signals in
specific directions to extend the communication range. Phased array systems, utiliz-
ing techniques known as beamforming, adjust phase shifts between antenna elements
to create directional beams. Their advantages include faster response times, greater
flexibility, and smaller form factors compared to mechanical alternatives, making them
popular in various modern wireless applications. Moreover, there is a growing demand
for energy-efficient and compact phased array systems to make them more suitable for
use in applications in which battery life and device sizes are the main concerns, rang-
ing from handheld 5G/6G devices to UAV and satellite communication equipment.
This study proposes innovative circuit solutions to meet this demand, addressing RF
analog beamforming and exploring methods to improve power efficiency and reduce

chip size.
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Chapter 1

Introduction

1.1 Motivation

Since the demand for higher data rate services continues to increase, the available
bandwidth in traditional low-GHz RF wireless communications becomes increasingly
congested. Developing new wireless technologies that use higher frequency bands,
such as millimeter-wave and sub-THz frequencies, is considered as one of the most
promising solutions to address the bandwidth shortage [1{3]. However, millimetre-
wave signals experience increased free space and atmospheric losses when compared
to lower-frequency signals. Moreover, the propagation of high-frequency radio waves
is often hindered by higher absorption rates when encountering obstacles such as
buildings, trees, and raindrops. Consequently, these factors collectively contribute to

a reduction in the overall range of communication [4]. To overcome these challenges,
directional and phased array antennas are typically used to focus a transmitted or
received signal in a particular direction or towards a speci c receiver to improve the
Signal-to-Noise Ratio (SNR) and increase the system transmission range [5]. Utilizing
either of these methods increases the capability for directional wireless communica-
tion, as opposed to the traditional omnidirectional communication that is common in
the lower RF frequency range. While the omnidirectional approach o ers alignment-
free communication, directional communication presents numerous advantages. It is
more energy-e cient due to targeted delivery, facilitates multiple simultaneous com-
munications at the same frequency, reduces susceptibility to multipath fading, and
avoids interference with other communication channels [6].

Phased array systems are essentially arrays of multiple antenna elements. They



Figure 1.1: Phase array concept.

use a variety of techniques to control the amplitudes and phase shifts between the ele-
ment signals in the array to create a constructive interference pattern that results in a
directional beam. Moreover, these techniques, which are generally called beamform-
ing, provide the ability to steer the beam in a speci c direction without physically
moving the antenna by independently adjusting the phase and amplitude of each ar-
ray element's signal [7]. Fig. 1.1 provides an intuitive representation, demonstrating
how the manipulation of the phase for each antenna element within an array enables
the dynamic adjustment of the equi-phase front of the radiated signal. This visual
insight underscores the capability of phased arrays to alter the direction of signal
radiation by controlling individual antenna phases. It is worth noting that phased
arrays nd utility in both transmitters and receivers, showcasing their versatility in
diverse applications across communication systems.

In a phased array receiver, in addition to the mentioned bene ts, for xed antenna
sizes, the SNR consistently improves within an array due to the presence of uncorre-
lated noise in parallel independent receivers. It is crucial to note that the advantage
of noise reduction is contingent upon the independence of the noise sources. There-
fore, the extent of the SNR improvement is in uenced by the speci ¢ architecture of

the phased array (beamforming). As illustrated in Fig. 1.2, the array manipulates



Figure 1.2: SNR improvement in a phased array system.

the phase of input signals to achieve constructive addition at the output port. Im-
portantly, since the input noise in each branch of the arrayNgrx,) is statistically
independent of others, constructive addition does not apply to these noise sources.
Consequently, the SNR undergoes improvement by a factor of wheren represents
the number of elements in the array.

Due to the faster response time, greater exibility, and smaller size of the phased
array antennas in comparison to mechanical directional counterparts [8], they have
become increasingly popular in a wide range of growing wireless applications. For ex-
ample, phased array systems are widely used in 5G/6G, satellite communication wire-
less transceivers, automotive radars, and medical imaging systems [9]. Speci cally, as
there is a widespread demand for using high-rate millimeter wireless communication
in consumer electronic devices, such as smartphones and tablets, it is desirable to
further reduce the power consumption and size of the beamformers to arrive at an
energy-e cient, low-cost phased array solution.

This study is focused on proposing new circuit ideas to reduce the area and power
consumption of integrated beamformers. In this chapter, a brief description of beam-
forming and the possible realization of the beamformers in analog, digital, and hy-
brid domains is provided. The details of the RF analog beamforming, a widely used
method for on-chip realization, are further elaborated and its advantages and disad-
vantages are discussed. The possible solutions and previous work on improving the
power consumption and reducing the chip area of the RF analog beamformer are also

investigated.



1.2 Beamforming Fundamentals

Beamforming, or Spatial Filtering, is a technique that focuses or directs a transmitted

or received signal in a speci c direction [7]. This technique is essential in many wire-
less communication and radar systems. In modern 5G/6G wireless communication
systems, increasing demand for higher data rates requires the utilization of frequency
bands in the millimeter wave region and above. Due to the high path and pene-
tration losses at millimeter wavelengths, beamforming is needed to overcome path
losses and establish robust communication links by concentrating the radiation en-
ergy in the desired direction [10]. In radar systems, beamforming is needed to track
high-speed targets with high angular resolution [11]. Phased array antenna systems
are often used for directional transmission and reception of directional EM beams by

progressively setting the phase of signals for elements of the antenna array.

((@))

((0))

((©))

Figure 1.3: (a) Single transmitter and receiver. (b) Generalized N transmitter to one
receiver (c) Linear phased array with N elements.

In the context of a wireless transmitter system, the modulated signal at the output

(as illustrated in Fig. 1.3(a)) is generally represented as

X1x (t) = S(t)e' = t: (1.1)

4



whereS(t) denotes the information signal andd! =F ! represents the carrier frequency.
Upon transmission through an omnidirectional antenna, the received signal at a re-

ceiver positioned at a distancel is given by

k d
Xrx (1) = @X Tx (t (_:)
k d. i'ret o)
= — C 1.2
Kst e 12)
d
k j2 —

d. .
= —e S(t ) Rt
d? ( c)

wherek is a constant,c is the wave propagation velocity, and denotes the wavelength
de ned as

C
= — (1.3)

'rE
When consideringN transmitters emitting the same modulated signalXtx , the

received signal can be calculated using

Xk 2 i d .
X Rrx (t) = —e S(t El)el| RF L (14)

Assuming negligible variations ind; in the di=c term, and with the receiver located

far from the transmitter, this expression can be approximated as

X Rrx (t) — | e . S(t %)ell RF L. (15)

In a linear array system, as depicted in Fig. 1.3(c), the antenna elements are equally
spaced at a distanceD between each consecutive elements. In this cask,can be
replaced byd, = d+ (i 1)Dsin( ). As a result, (1.5) is changed to

d D
k 2 =R j2i p—sin()
e

Xrx (1) 7° S(t g)e“ RF L (1.6)

i=1
The part highlighted in red is known as the Array Factor. This factor plays a signif-

icant role in in uencing the pattern and directs the pattern toward the desired point.

5



Increasing the number of antenna elements results in a more pronounced e ect on
the pattern, notably achieving a narrower beamwidth. Fig. 1.4(a) to Fig. 1.4(d) visu-
ally illustrate the array factor for a linear array con guration with antenna elements
spaced at = 2, showcasing the impact of varying the number of elements (2, 4, 16,

and 64) on the array factor.

((2)) ((0))

((©) ((d))

Figure 1.4: Array Factor for a Linear Array whenD = > and (@)N =2 (b) N =4
(c)N=16(d) N =64

As previously noted, the primary distinction between a phased array system and
an antenna array lies in the independent manipulation of phase and amplitude in
each channel within the former (refer to Fig. 1.1). The ability to control the phase of
signals in individual antenna elements facilitates beam steering. Given that the phase

shifter in the i-th element introduces an additional phase shift of; = (i 1) o, the



array factor in (1.6) can be reformulated as

D
XU o p(=sin( )+ =)
e 2

AF = (1.7)

i=1
By varying the value of o, it becomes possible to alter the direction in which the
phased array is oriented. Figs. 1.5(a) to 1.5(d), visually represent the changes in
the main beam direction of a phased array consisting of 16 antenna elements, where
the spacing between the antennas is 2. These gures provide a depiction of how
adjusting the parameter g in uences the directional characteristics of the main beam

in the phased array con guration.

(@) ((b))

((©) ((d))

Figure 1.5: Array Factor for a Phased Array wherN = 16, D =
) o= 2(© o=5@ o=

—,and (@) o=

2 2



1.3 Beamforming Techniques

Beamforming can be performed in any of the digital, analog, or hybrid digital-analog
domains. The choice of domain depends on the speci ¢ requirements and constraints
of the application. Digital beamforming is favored in situations demanding precise
control, adaptability, and the ability to implement sophisticated algorithms [12]. Ana-
log beamforming, on the other hand, is preferred in scenarios where simplicity, low
power consumption, and real-time processing are essential. Hybrid digital-analog
beamforming o ers a middle ground, allowing for a tailored approach to meet the
speci ¢ needs of diverse applications, making beamforming a versatile and powerful
technology across a spectrum of domains. The block diagrams and a brief description

of each method will be further discussed in this section.

1.3.1 Digital Beamforming

In a digital beamformer, as shown in Fig. 1.6, the received signals from each antenna
are digitized and processed digitally. Therefore, the required number of high-speed
Analog-to-Digital Converters (ADCs) and RF chains, including Frequency Converter
(Mixer) and Low-Noise Ampli er (LNA), is equal to the number of array's elements
demanding high power consumption to perform beamforming. Requiring a synchro-
nized Local Oscillator (LO) distribution for frequency conversion in each branch adds
to their implementation complexity.

The digital beamformer employs digital signal processing (DSP) to manipulate
the signals in the digital domain. This enables real-time adjustments and precise
control over the beam, allowing for enhanced performance in various applications.
Consequently, this type of beamformer o ers higher angular resolution, lower side
lobe magnitudes, increased radiated power, and a simpler calibration process [9]. As
in digital beamformers, each antenna element requires a dedicated high-speed mixed-
signal data converter and a high-performance RF frequency converter, the high power
consumption and the cost associated with the implementation of such a complex
system prevent purely digital front ends from being utilized in many applications
with power/cost restrictions. As another limitation of this technique, it should be

noted that using digital signal processing in digital beamformers introduces some



Figure 1.6: Block diagram of a Digital Beamformer (Receiving mode).

delay, which can be a critical factor in applications where real-time responsiveness is

crucial.

1.3.2 Analog Beamforming

The analog beamformers perform the task using analog building blocks, such as phase
shifters and variable gain ampli ers, by combining the phase-shifted transmitted/re-
ceived signals in the analog domain (see Fig. 1.7). Since ADC/Digital-to-Analog
Converters (DACSs) or Digital Signal Processors (DSPs) are not required in the beam-
forming process, analog beamformers consume signi cantly less power and can be
constructed at lower cost in a smaller form factor in comparison to their digital coun-
terparts [5].

Moreover, as only one frequency mixer is required in an analog beamformer, elim-
inating the LO distribution circuitry further simpli es the scheme. Generally, analog
beamforming systems are often simpler in design and implementation compared to
digital systems, making them more straightforward to con gure and maintain. In

addition, they operate in real-time without the latency introduced by digital signal



Figure 1.7: Block diagram of an Analog (RF) Beamformer (Receiving mode).

processing, making it suitable for applications where immediate response is critical.
However, this type of beamformer lacks the adaptability of digital systems. Further-
more, as adjustments to the beam characteristics are performed in the analog domain,

this method has less accuracy and provides lower angle resolution.

((2))

((0))

Figure 1.8: (a) Analog beamformer with series-fed combining network, (b) Classical
Distributed Ampli er (DA)
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The methodology illustrated in Fig. 1.7 is commonly referred to as a parallel-fed
combining network. However, an alternative approach, known as series-fed combin-
ing, is depicted in Fig. 1.8(a). In this con guration, if the phase di erence between
the output currents of consecutive Trans Impedance Ampli ers (TIAs) matches the
electrical length of the transmission lines connecting them, then half of each branch's
current is constructively summed at the output port. Nevertheless, the other halves
are wasted in the terminated port.

The series-fed combining network in an analog beamformer functions similarly to a
conventional Distributed Ampli er (DA), as shown in Fig. 1.8(b). In a DA, the input
and output transmission lines are designed to absorb the input and output parasitic
capacitance of TIAs, enabling a wide operational bandwidth [13]. Consequently, in a
DA, the sacri ce of half of the currents in the terminated port is accepted as the cost
for achieving ultra-wideband performance.

However, in a phased array with a series-fed combiner, the absence of an input
transmission line can lead to a signi cant restriction in the operational bandwidth
due to the parasitic input capacitance of the TIAs. This limitation underscores the
importance of considering the speci ¢ design context and trade-o s when choosing
between the parallel-fed and series-fed combining networks for optimal performance
in speci c practical applications.

Despite its apparent ine ciency, the series-fed beamforming method has distinct
advantages that render it a viable consideration in certain scenarios. First, it has been
demonstrated that series-fed beamformers can generate multiple simultaneous beams.
This capability is noteworthy as it enhances the area e ciency of the beamformer [14]
Second, in cases where the electrical length of the transmission lines within the series
combining network is tunable, as depicted in Fig. 1.9, it becomes possible to eliminate
the need for a phase shifter in each branch. This speci ¢ implementation contributes
to making the beamformer more area-e cient, a topic that will be explored in greater
detail in Chapter 4.

1.3.3 Hybrid Analog/Digital Beamforming

Hybrid Analog/Digital beamforming is a cutting-edge signal processing approach that

amalgamates the advantages of both analog and digital beamforming techniques. This
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Figure 1.9: Block diagram of an Analog (RF) Beamformer (Receiving mode).

Figure 1.10: Block diagram of a Hybrid Beamformer (Receiving mode).

technique has gained prominence in modern communication and radar systems for
its ability to strike a balance between the e ciency of analog beamforming and the
adaptability of digital beamforming [9]. Hybrid beamformers perform beamforming
for a subset of phased array elements in the analog domain while processing the
transmitted/received signals of each subset in the digital domain (See Fig. 1.10).
In fact, each subset in a hybrid beamformer acts as an analog (RF) beamformer
but with a smaller number of antenna elements. This means that for the digital
beamformer part, a simpler LO distribution network is required and the number of
required ADCs (DACs in transmitting mode) is signi cantly reduced. Consequently,

by reducing the number of required power-hungry elements, hybrid beamforming

provides a compromise solution between analog and digital beamforming [15]. Hybrid
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Table 1.1: Comparing Beamforming Methods

Parameters RF beamforming Hybrid beamforming Digital beamforming
Main Required Blocks Attenuator/Phase Shifter | ADC/DAC + Attenuator/Phase Shifter + Simple LODN | ADC/DAC  + Complex LODN

Flexibility Low Moderate/High High
Complexity Low Moderate High
Power Consumption Low Moderate High
Cost Low Moderate/Low High

* per antenna element
** fewer than the number of the antenna elements
*** | ocal Oscillator Distribution Network (LODN)

beamformers possess several advantages over the other methods. First, the digital
processing component allows for ne adjustments, leading to enhanced signal quality,
reduced interference, and improved overall system performance. In addition, they
exhibit lower latency compared to fully digital systems, making them suitable for
applications where real-time responsiveness is essential. Finally, the hybrid nature
of the architecture provides exibility in design, allowing for customization based on

speci ¢ application requirements and constraints.

1.3.4 Comparison of Beamforming Methods

Table 1.1 presents a comparative analysis of three beamforming methods. The con-
tents of the table suggest that the selection of the appropriate method is highly
contingent upon the speci ¢ requirements of the desired application. In cellular net-
work applications, at the base station side, usually high-performance equipment is
required, and simultaneously high power consumption and large-size devices can be
tolerated. Therefore, wherever phased array systems are required, digital beamform-
ers would likely be the proper choice. On the other side, in the end-user equipment
of the cellular networks, which are usually implemented on-chip, reducing the power
consumption and the size of the handheld devices are crucial. Consequently, in such
applications, the phased array system must use analog or hybrid beamformers to
trade o some performance to get more area and energy-e cient design. Given these
considerations and acknowledging the crucial signi cance of analog beamformers in
the modern millimeter-wave transceivers, the subsequent chapter is devoted to a com-
prehensive examination of the architectures, building blocks, and challenges inherent

in this category of beamforming technique.
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1.4 Objectives

The main objective of this study is to develop energy-e cient and compact beamform-
ers to design phased array systems that can be implemented in handheld devices or
used in applications with strict limitations on size and power consumption. To address
this goal, two main subjects are investigated in this research. Since phase shifters are
the key component of analog (RF) beamformers, the design of an area-e cient phase
shifter is determined as the rst objective of this study. It is well-known that TTL
phase shifters have useful capabilities such as having a wide operational frequency
band, consuming no power, and providing continuous phase shift. However, at the
same time, they are not very popular in on-chip design because of their large size
and their excess insertion loss. Accordingly, proposing an area-e cient TTL phase
shifters, to make them more appropriate for on-chip realization, is an interesting re-
search subject. Therefore, chapter 3 of this study is dedicated to the design of a new
Tapered TTL phase shifter which reduces the consuming chip area and improves the
insertion loss performance. To verify the e cacy of the proposed phase shifter design,
a wideband (Ku/K/Ka band) Tapered TTL phase shifter is designed, fabricated, and
tested with its measurement results presented in this chapter.

The other objective of this research is to propose a new distributed beamformer
that combines all functions of an analog (RF) beamformer in a single circuit thereby
reducing the overall power consumption, occupied chip area, and fabrication costs. In
Chapter 4, the design process for optimizing the beamformer gain, noise performance,
and beam steering capability of the proposed design is presented and supported by
mathematical analysis. Moreover, to demonstrate the e ectiveness of the proposed
beamforming approach, the fabrication process and measurement results of a four-

element K-band beamformer of this type are discussed in this chapter
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Chapter 2

Analog (RF) Beamformers
Literature Review

2.1 Introduction

Analog (RF) beamforming is the simplest beamforming architecture. This approach
forms the foundation of beamforming techniques, leveraging RF phase shifters to
dynamically control the direction and characteristics of transmitted or received elec-
tromagnetic signals. As shown in Fig. 1.7, this type of beamformer relies on a single
ADC (or DAC in transmitting mode). This gives this architecture low complexity
and low power consumption, which makes it particularly suitable for scenarios where
resource e ciency is critical.

The key to the success of this architecture lies in the precision and resolution of
RF phase shifters. These components play a pivotal role in dynamically adjusting the
phase of the signals, allowing for the steering of beams in speci c directions. As the
resolution of phase shifters increases, so does the beamforming performance, enabling
ner control and optimization of the transmitted or received beams.

It should be noted using only analog (RF) or hybrid beamformers may not ad-
equately address the increasing demand for newer wireless equipment with longer
battery life and smaller form factors. Consequently, extensive research and develop-
ment e orts are currently being undertaken to further reduce the cost and power con-
sumption of these beamformers while maintaining acceptable performance [15]. Many
studies have been conducted to nd new approaches to design and implement more

energy-e cient and less area-consuming phase shifters as the key building blocks of
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analog (RF) beamformers. Nonetheless, several other researchers focused on propos-
ing innovative and more integrated designs and schemes for the entire beamformer
rather than using the conventional architecture shown in Fig. 1.7. In this chapter, a

comprehensive review of both kinds of studies is performed.

2.2 Recent Advances in Implementing RF Phase
Shifters

In analog or hybrid beamformers, the phase shifters are often required to produce the
desired phase shift range and resolution with low return and insertion losses while
being implemented at the lowest possible cost and with the minimum possible power
consumption as the number of required phase shifters scales linearly with the number
of antenna elements in a phased-array antenna system. The phase shifters can be
constructed using several di erent techniques including vector modulation circuits,
switched delay lines, tunable re ective loads, and loaded transmission lines, where

the phase shifts are created using passive or active circuit components or both.

2.2.1 \Vector Modulator Based (VMB) Phase Shifters

The vector modulation method creates a phase-shifted signal by summing two orthog-
onal current vectors (I and Q) with di erent weights. The typical block diagram of a
VMB phase shifter is shown in Fig. 2.1. As can be seen, a VMB phase shifter consists
of three main parts: a 90-degree hybrid coupler, a Variable Gain Ampli er (VGA) in
the | and Q branches, and an Analog Adder. Given that VGAS, integral components
of the VMB phase shifter, must consume DC power, they are classi ed as active phase
shifters. Diverging from passive phase shifters, active phase shifters introduce gain
rather than loss. This unique characteristic eliminates the need for additional am-
pli ers in transceivers utilizing passive phase shifters to compensate for signal losses.
Consequently, the elimination of this ampli cation requirement enhances the overall
power e ciency of transceivers equipped with active phase shifters. Despite their
advantages, active phase shifters come with trade-0s. Their gain-oriented nature
implies a lower noise gure compared to passive alternatives. However, it is essential

to note that they simultaneously exhibit increased nonlinearity. As a result, active
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Figure 2.1: The Block diagram of a typical VMB phase shifter [16]

phase shifters nd greater utility in applications that prioritize sensitivity to noise,

such as receivers, as opposed to those necessitating a higher degree of linearity, such
as transmitters. In order to enhance the performance of this type of phase shifters,
various studies have been conducted to explore avenues for improvement in each con-
stituent building block of VMB phase shifters. The forthcoming sections will delve

into the detailed elaboration of select studies addressing these enhancements.

Quadrature (90-degree) Hybrid Coupler

For accurate phase shifting, it is essential that the signals in the | and Q branches
have an exact 90 degree phase shift and equal amplitudes. Utilizing an RC-CR circuit
is the most well-known method to provide suitable | and Q signals. This method is
based on the phase lead and phase lag, which are applied by CR and RC network as
demonstrated in Fig. 2.2.

As observed, the quadrature hybrid under consideration produces a satisfactory
phase di erence across its operational bandwidth. However, a noteworthy de ciency

is discerned in its amplitude dierence, particularly when deviating slightly from
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Figure 2.2: (a) schematic and (b) phase and amplitude relation between two outputs
of an RC-CR network [17]

the center frequency. As previously elucidated, the VMB phase shifter relies on
the weighted ampli cation of the In-phase (I) and Quadrature-phase (Q) signals.
Consequently, the utilization of this speci c quadrature hybrid is notably limited
within the realm of VMB phase shifters, primarily due to its constrained amplitude
balance performance.

For the purpose of arriving at a wideband 90-degree hybrid coupler with a good
amplitude balance, a wide variety of techniques based on Poly Phase Filters (PPF)
[18, 19] or Quadrature All-pass Filter (QAF) [16, 20] is reported.

The Poly Phase Filter is a modi ed version of the classical RC-CR network, inher-
iting key traits from its predecessor. It demonstrates good phase balance, a legacy
from the RC-CR network, and achieves e ective amplitude balance, especially when
employing more sections [21]. The con guration of a wideband, millimeter-wave Poly
Phase Filter (PPF) is depicted in Fig. 2.3(a), resembling 3 stages of RC networks
interconnected in cascade. Each stage comprises four identical resistors and four
identical capacitors, with variations in their values from one stage to the next. In
Fig. 2.3(a), In+ and In- represent the di erential inputs, 1+ and |  are the dier-
ential outputs of the | path, and Q+ and Q are the di erential outputs of the Q
path. PPFs operate on the principle of the “stagger tuning' technique, employing

two or more cascaded stages of RC-CR networks to smooth the amplitude of the
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Figure 2.3: (a) Schematic and (b) amplitude balance and (c) phase balance of a
millimeter-wave PPF [18]

generated quadrature signal and extend the bandwidth [21]. As an example, the
millimeter-wave PPF, introduced in [18], shows great phase and amplitude balance
over its operational bandwidth. The measurement results show less thar0:5 dB
magnitude ripple and less than 1 degree phase error over more than 30 GHz band-
width, as shown in Fig. 2.3(b) and Fig. 2.3(c), respectively. The reported insertion
loss for this con guration is around 19 dB.

PPFs, when employed as quadrature generators, presents numerous advantages
over conventional RC-CR techniques [22]:

Simplicity in Implementation: PPFs achieve simplicity by utilizing only resis-

tors and capacitors in their design.
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Mitigation of CMOS Process Variation Challenges: The stagger-tuning
technique is employed by PPFs to address CMOS process variation challenges without
requiring additional complex tuning circuitry.

Well-Suited for Wideband Quadrature Signal Generation: PPFs exhibit
suitability for the generation of quadrature signals in a wide bandwidth.

These characteristics render PPFs highly suitable for CMOS implementation, es-
pecially as RF gquadrature generators, where they are speci cally referred to as RF
CMOS PPFs. However, despite their appropriateness for RF quadrature signal gen-
eration in a CMOS process, RF CMOS PPFs manifest certain drawbacks:

Insertion Loss of 3 dB per Stage: Passive lters in RF CMOS PPFs result in
an insertion loss of 3 dB per stage. Moreover, unlike matched con gurations, PPFs
usually don't adhere to impedance matching [18]. However, they often incur excessive
loss, which can impact overall performance.

Need for Buers (Ampli ers): Bu ers, or ampli ers, are often required to
compensate for signal attenuation.

Power-Hungry Bu ers for High Accuracy: Achieving high accuracy in quadra-
ture signal generation necessitates multiple cascaded stages, leading to power-hungry
bu ers.

Thermal Noise Impact: When used in the signal path, the thermal noise of
resistors adversely a ects the noise gure (NF) of the receiver.

In a Quadrature All-Pass Filter (QAF) the quadrature generation is based on the
orthogonal phase splitting betweenVog and Vg, in the series R-L-C resonators, as
shown in Fig. 2.4. The Transfer function of this network can be written as

2 1, 3
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2 3 e
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‘o
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; (2.1)

where! o = :p LC andQ = P L=C=R. Considering the above-mentioned transfer
function, a consistent 90-degree phase shift between the | and Q paths for all values

of I can be ensured. Moreover, it shows that, while havinQ = 1, a 3-dB voltage
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Figure 2.4: Generation of resonance-based second-order all-pass quadrature network
(Single-ended con guration) [23]

gain can be achieved at the center frequency, selectiQgin the 0:8 Q 1 results

in a 2 to 3 dB voltage gain over a wideband frequency range as 3:1 [20].

Figure 2.5: E ect of load capacitance on quadrature accuracy in a single-ended QAF
[20]

Even with the numerous advantages of the single-ended con guration of the QAF
network, it has limited usage in practical applications due to its sensitivity to the

load capacitance [23]. The concept of the problem is illustrated in Fig. 2.5. As can be
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seen, the load capacitances a el (R+]j!L )and Zog (R+1=j!C ) in adierent
manner. Intuitively, one can conclude that the load capacitanceQ( ) reduces the
e ective L and decreases the loaded Quality factor (increasiijto R+ Rj)in Zg,,
while for Zpq it increases the e ectiveC and the loaded Quality factor (decreasing
RtoR R>), which results inl and Q imbalance.

If the QAF network, shown in Fig. 2.4 is modi ed to the di erential con gura-
tion, which is shown in Fig. 2.6(a), the real ground can be eliminated because the
di erential architecture provides a virtual ground at those points. By eliminating
the real ground, the series L-C resonator can be substituted by a wire, as shown in
Fig. 2.6(b), and the architecture, shown in Fig. 2.6(c), can be used as a di erential
QAF. The dierential con guration in the all-pass mode can mitigate these errors.
This is attributed to the fact that any output node impedance in Fig. 2.6(c) is con-
structed from both low-pass and high-pass networks, o ering counterbalances to the

impact of C_

Variable-Gain Ampli ers (VGAs) and Analog Di erential Adder

The VGAs employed in this type of beamformer must possess the capability to am-
plify signals in both positive and negative polarities, facilitating a complete 360-degree
phase shift. The precision of this phase shift is directly dependent on the gain reso-
lution of the VGAs.

Furthermore, as discussed earlier, the ampli ed | and Q signals must be combined
to perform the desired phase shift. As a result,

improvement in analog di erential adder and combining the function of the adder
with VGA is another interesting subject that is investigated in some studies [24, 25].
As an example, in a study, it is proposed that by controlling the transconductance
gain (gn) of the di erential adder via controlling the tail current sources, the func-
tion of the adder and variable gain ampli cation are integrated into one circuit (as
shown in Fig. 2.7). Moreover, to amplifyl and Q signals with both positive and
negative polarity, the Input signals must be applied in di erential mode. In addition,
if the in-phase signal () is required to be ampli ed in positive polarity the Q; and
Q4 transistors must be activated while theQ, and Qs transistors are deactivated.

However, if the ampli cation with negative polarity is required, the condition must
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Figure 2.6: (a) Di erential formation of QAF, (b) Elimination of redundancy, and
(c) Di erential quadrature all-pass lter. [23]

be opposite. Similarly, for the positive polarity ampli cation in the quadrature-phase
signal (Q), the Qs and Qg transistors must be activated while theQg and Q; transis-
tors are deactivated. Whereas, for negative polarity ampli cation, the activated and
deactivated transistors must be switched.

Fig. 2.8 provides a detailed depiction of the operational principles of a VGA/Di er-
ential Adder. Within this circuit, when the §; (Sg) switches are in the ON position,
the S;g (Sgs) switches are in the OFF position, leading to the ampli cation of the
In-Phase (Quadrature) signal with positive polarity. Conversely, when th&, B and
SoB) switches are ON, and the5, (Sq) switches are OFF, the In-Phase (Quadrature)
signal undergoes ampli cation with negative polarity.

In the context of positive polarity ampli cation, the tail current denoted as |
(Igs) ows through Ms; (Ms3), activating the pair of transistors M; and M4 (Ms

and Mg). Conversely, during negative polarity ampli cation, the tail current ows

23



Figure 2.7: Combining the variable gain ampli cation and di erential adding function
by controlling tail currents in adder [24]

through Ms, (Msy), activating the pair of transistors M, and M3 (Mg and M-). It
is noteworthy that the gain of VGAs in both the | and Q paths can be individually
adjusted by independently varying the tail currentsl g and | og .

Furthermore, as the di erential pairs transform the ampli ed signals into currents,
connecting the drains of the corresponding transistors to the appropriate ends of a
common load results in the addition of the weighted-ampli ed | and Q signals.

Generally, one can say that although VMB phase shifters use active devices in their
structure, and consequently consume DC power, they can provide gain and can be

implemented in a smaller area compared to their passive counterparts [26, 27].

2.2.2 Passive Phase Shifters

A passive phase shifter is a device that introduces a controlled phase shift to an input
signal without amplifying it. Since this type of phase shifter does not consume DC
power, they become very popular in growing low-power millimeter-wave sensors [28,
29]. The passive phase shifters can be divided into three main categories: STPSs, Re-
ection Type Phase Shifters (RTPSs), and Tunable Transmission Line Phase Shifters

(TTLPSSs). In this section, the introduced types of passive phase shifters and their
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Figure 2.8: An Analog di erential adder/VGA implemented in CMOS [25]

challenges have been reviewed.

Switched Type Phase Shifters (STPS)

As shown in Fig. 2.9, in the switched type phase shifters, also known as switched
delay line phase shifters, using a proper combination of switches, the input signal
passes through dierent paths with di erent electrical lengths (constructed using
transmission lines or lumped element components) and then obtains the desired phase
shift [30]. Assuming equivalent propagation constants { and matched conditions
for both lines, shown in Fig. 2.9, if both input and output ports are switched to the

lower transmission line, then the input and output signals will be expressed as:
Vin = V¥ cos(t) (2.2)
and

Vour = V7 cos (t L); (2.3)
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However, in the event of the port switching to the upper transmission line, then the

output voltage modi es to
N L
Vout = V7 cos (it (L + 7)): (2.4)

The additional phase di erence of L=2 in (2.4), represents the introduced phase
shift achievable through this method. Notably, the adjustment of the length di erence
between the upper and lower transmission lines allows for the attainment of arbitrary
phase shifts. It is essential to recognize that, post-circuit implementation, the amount
of phase shift becomes xed. Consequently, to obtain varying phase shift values, it
becomes imperative to increase the number of paths and switches in the circuit.

These switched delay line phase shifters consume no power but they have a limited
resolution because of the limited number of switches and delay elements that can be

constructed at reasonable cost[28, 30].

Figure 2.9: Switched delay line phase shifter concept

In the on-chip realization of the delay line, instead of a real transmission line, a
cell, which consists of a series inductor and two shunt capacitances, is used to create
an ATL cell. Equivalently, a T connection of two series inductors and one shunt
capacitor can form an ATL cell. In the ATL cell, the proper selection of inductor
and capacitance values helps to construct a network that behaves like a matched
transmission line and provides the desired phase shift (see chapter 3 and 4). It is
important to notice that the ATL cell can only model the transmission lines with the
electrical length of up to 90 degrees. Consequently, to construct a phase shifter with
a complete range of phase shifts (360 degree) with a desired resolution, a su cient

number of cells with di erent electrical lengths must be cascaded. Moreover, switches
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must be properly used along the cells to e ectively include and exclude them in the
phase shift chain whenever it is required. An example of such ATL cell and proper
method of its including and excluding is shown in Fig. 2.10(a) [28].

Figure 2.10: Example of ATL cell including/excluding mechanism in an STPS [28]

In the examined circuit, when the voltage across the phase control inpuV() is
maintained at 0 V, both transistors M; and M, assumed to be in the OFF state,
while transistor M3 is switched ON. Under this con guration, the circuit depicted
in Fig. 2.10(a) can be e ectively modeled by the circuit presented in Fig. 2.10(b).
Notably, in this model, the direct path between the input and output ports (P1 and
P2) is eliminated, and the inductorL, is bypassed by the activated M3 transistors.
Assuming proper sizing oM, the parasitic capacitanceC, associated with its OFF
state, in conjunction with two identical inductors connected to the ports (twol
inductors), forms a T cell capable of achieving the desired delay (phase shift). Fur-
thermore, to mitigate losses within the cell, it is imperative to minimize the ON state
resistance oM 3 (R3).

Conversely, whenV is set to 1.2 V, the circuit model undergoes a transformation
to the con guration illustrated in Fig. 2.10(c). Under this condition, the input and

output ports are directly connected. Additionally, if the design of M3 is such that its
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Figure 2.11: (a) A 4-bit switched delay line 67 to 78 GHz phase shifter and (b) the
ATL cell including/excluding mechanism [30]

OFF state capacitance C3) and L, together form a parallel resonator at the opera-
tional frequency, the shunt path will not impose a loading e ect on the through path
between P1 and P2. This strategic design ensures optimal performance of the circuit
in various operational states, contributing to the overall e ciency of the system.

Fig. 2.11 illustrates another instance of a switched delay line phase shifter employ-
ing ATL cells con gured in a T arrangement. To incorporate a cell into the phase
shift chain, the series transistor (T1/T3 or T5) must be in the OFF state, while the
shunt transistor (T2/T4 or T6) needs to be in the ON state. Similar to the afore-
mentioned case, minimizing the ON resistance of the shunt transistors is imperative
for mitigating losses within the ATL cell.

Conversely, to exclude a cell from the chain, the states of the switches must be
reversed. Activating the series transistors (T1/T3 or T5) to the ON state bypasses the
series inductors ) of the cell. Furthermore, through careful design of the inductors

operating in parallel with the shunt transistors (ri), it is possible to establish a
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parallel resonator with the OFF-state capacitance of the transistors. This strategic
con guration ensures that the shunt branches do not impose a loading e ect on the
path between the input and output ports, optimizing the performance of the phase
shifter.

Re ection Type Phase Shifters (RTPS)

A block diagram of a typical Re ective Type Phase Shifter (RTPS) is shown in
Fig. 2.12. An RTPS produces a phase shift by controlling the phase of a re ective
load connected to a 90-degree hybrid coupler [29, 31, 32]. With the incident voltage
at the input port denoted V;", the incident voltages at the Through (THRU) and
Coupled (CPLD) ports are _
Viury = B%Vf
! (2.5)

Vepio = p_§V1+:

Since both two ports are connected to the loads, which have identical re ection

coe cients equal to T, the re ected voltage at these ports will be

) +

Vivru = P35 ™)
. (2.6)

_ + .

Vepip = p_z TV

Assuming that the Isolation port (ISO) is connected to a matched termination, the

voltage at this port can be calculated as
1 j
Viso = p_EVTHRU + p_EVCPLD: (2.7)
Using (2.6), equation (2.7) can be simpli ed to

1 i 1
Viso = P=P= TV + \9——\9—2 V]

2 2 2

. + . + 28
= 7J TV1 + 7J TV1 ( )
= j TV

Evidently, the variation in the phase of the load Z1) connected at the THRU and
CPLD terminals of the hybrid coupler induces a corresponding change in the phase

of the output signal, where the degree of phase shift aligns with the phase of the
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Figure 2.12: Block diagram of a typical re ection-type phase shifter [33]

re ection coe cient of the loads (\ 7). The re ected voltage at the input port can

be calculated as
j 1 :
Vi = p_évTHRU + p_EVCPLD' (2.9)
Similar to the calculation of the isolation port's voltage, one can use (2.6) to simplify

(2.9) to

, 1
TV1+§

j ] 1.1 +
V, = p=p= 1V + V
UG LS LS L e
1 2.10
= v (2.10)
Equation (2.10) shows that utilizing a 90-degree hybrid coupler establishes a matched
condition for the input signal, independent of the load's re ection coe cient magni-
tude. Conversely, as shown in (2.8), the magnitude of the output signal is directly

proportionaltoj tj. Consequently, to minimize the insertion loss of this phase shifter,

it is imperative to ensure that
j 1 L (2.11)

Moreover, to achieve low insertion loss across all phases, equation (2.2) must be
maintained while the phase of the load varies.

While consuming no power, the limited bandwidth of 90-degree hybrid couplers and
the variability of the load re ection coe cient magnitude often lead to narrowband
phase shifters with high variable insertion losses particularly if implemented on-chip
[33]. To overcome these limitations, several solutions are reported [31, 33]. As an
example, Fig. 2.13 shows a Re ective Type phase shifter in which anetwork of a

series inductor and two shunt varactors are used to create a variable re ective load.
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Figure 2.13: Re ective Type Phase Shifter with Loss compensation [31]

To keep the magnitude of the re ection coe cient of the re ective load around one
(J LJ =1), anegative resistance is placed in parallel with the inductor to compensate
for its loss.

It is a well-established phenomenon that at the input of a short-circuited transmis-
sion line, there exists a superposition of the incident voltage and its delayed (phase-
shifted) re ection [34]. The delay associated with the re ected voltage is precisely
twice the delay between the input and the location of the short circuit. Consequently,
a con guration employing multiple switches along a transmission line, as illustrated
in Fig. 2.14, can be utilized. By maintaining all switches in the OFF state, except for
the switch positioned at the desired location (providing the required delay or equiva-
lently phase shift) in the ON state, a range of delay signals with varying amounts of
delay (phase shift) can be obtained.

The potential signi cance of such a phase shifter is more highlighted if the non-
delayed signal can be eliminated. This would yield substantial advantages for two

primary reasons. First, under the assumption of a low-loss implementation of both
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Figure 2.14: Operation of a switched transmission line phase shifter [35]

the transmission line and switches, the magnitude of the re ected signal approxi-
mates that of the incident voltage, resulting in negligible insertion loss. Second, the
achievable delay (phase shift) is twice the electrical length of the transmission line,

rendering this approach highly area-e cient.

(@) ((b))

Figure 2.15: Cancellation of non-delayed signal: (a) Active approach. (b) Passive
approach employing a Hybrid coupler. [35]

The authors in reference [35] proposed an innovative method for canceling the non-
delayed signal, which can be implemented using either an active or passive approach,
as depicted in Fig. 2.15(a) and Fig. 2.15(b), respectively. In this method, the input
signal undergoes division into two samples. One of these samples is then applied to
the switch-loaded transmission line, resulting in the simultaneous presence of both

delayed and non-delayed signals at the input of the transmission line. Subsequently,
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by di erentiating the other sample from the signal at the input of the transmission
line, the non-delayed portion of the signal is e ectively canceled, leaving only the
delayed (phase-shifted) component.

Fig. 2.15 illustrates the cancellation of the non-delayed signal using both an ac-
tive approach, Fig. 2.15(a), and a passive approach employing a Hybrid coupler,
Fig. 2.15(b)) [35]. This technique o ers a promising solution for enhancing the per-
formance of phase shifters by eliminating undesired components and preserving the

desired phase-shifted signals.

Tunable Transmission Line Phase Shifters

Instead of using multiple switches and ATL cells with xed capacitors, an ATL cell
can be loaded with varactors to create a tunable continuous phase shift by controlling
the DC biasing of the varactors. Both theT and con gurations of the ATL cell
(shown in Fig. 2.10 and Fig. 2.11, respectively) can be used for this propose. How-
ever, theT con guration emerges as the preferred choice due to its minimal require-
ment for area-consuming inductors. Combining neighboring varactor capacitances
further enhances e ciency. The distributed phase shifter, employing low-pass struc-
tures, minimizes bias complexity, grounding varactor anodes without necessitating
additional bias circuitry. The connection of all varactor cathodes through inductors
allows the control voltage to be fed into a single inductor node, streamlining the
control mechanism. Variations in cathode voltage potential enable the application of
positive voltage within the primary control range. While consuming no power, these
varactor-loaded cells (known as Tunable-ATL cells) provide large bandwidth and ne
phase resolution. However, Tunable Transmission Line (TTL) phase shifters, which
are formed by cascading multiple Tunable-ATL cells, exhibit high Insertion Loss (IL)
and occupy a relatively large area, particularly when realized on-chip, because of the
large size and low quality factor of the on-chip passive components [26]. It should
be noted, like the switched delay line phase shifter, the values of the cell's inductor
and capacitance of varactors must be calculated properly to achieve good matching
performance (see Chapters 3 and 4). Fig. 2.16 shows the circuit model and a sample
of on-chip implementation of this type of phase shifter.

Table 2.1 presents a comprehensive comparison of diverse phase-shifting methods,
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Figure 2.16: (a) The circuit model and (b) On-chip realization of C-Band Tunable
Transmission Line (TTL) phase shifter. Chip size is Zmm  0:6mm [36]

Table 2.1. Comparing Phase Shifting Methods

Parameters VMB STPS RTPS TTL
Bandwidth Low/Moderate | High | Low/Moderate | High
Complexity High Low Moderate Low

Power Consumption High No No No
Chip Area Consumption Low High Moderate High
Phase resolution High Low | High/Moderate | High

encompassing both active and passive variants. Notably, TTL phase shifters exhibit
distinct advantages over other types. They boast zero DC power consumption, ex-
pansive bandwidth, and high phase resolution. However, the sole drawback lies in
their substantial chip area requirement. Addressing this limitation through innovative
methods could render TTL phase shifters highly advantageous for on-chip implemen-
tation in the evolving landscape of compact, high-data-rate wireless devices. Chapter
3 of this thesis elaborates the details of an innovative method which is used to make
a compact TTL phase shifter.
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2.3 Recent Advances in Analog (RF) Beamform-
ers

2.3.1 Requiring a large scale phased array

Fig. 1.2 illustrates that in a phased array receiver, increasing the number of antenna el-
ements proportionally enhances the overall SNR. In wireless communication systems,
the radiated power is commonly characterized using Equivalent Isotropic Radiated
Power (EIRP). EIRP is calculated as the product of the transmitter's output power
and the antenna gain. This metric e ectively illustrates the transmitter's output
power under the assumption that the antenna pattern is isotropic. In essence, EIRP
provides insight into the potential power output if the antenna radiated uniformly in
all directions. For a phased array transmitter, utilizingn antenna elements ampli es
the EIRP by a factor of n?, while power consumption only increases linearly by a
factor of n. This method proves to be the most e cient way to combine transmitter
power [37].

Moreover, augmenting the number of antenna elements results in a narrower beam-
width and causes a greater concentration of power in the desired pointing direction.
Although the rst sidelobe level remains invariant in the array pattern, increasing
the number of elements brings the rst sidelobe closer to the main lobe, e ectively
reducing overall sidelobe power [37]. Fig. 2.17(a) and Fig. 2.17(b) depict the normal-
ized patterns for a uniform array with 16 and 1024 antenna elements, respectively.
Notably, despite both cases having the rst sidelobe level only 13 dB lower than the
mainlobe's peak, the radiated power in undesired directions signi cantly diminishes
in the array with 1024 elements.

To enable the integration of a greater number of elements in a phased array system,
the phased array scaling approach is introduced [37]. This strategy addresses two
primary concerns: rst, the development of a replicable unit tile containing antennas
and circuits, and second, the e ective tiling of these units to construct a larger phased
array.

Fig. 2.18(a) shows the die photograph of a 28-GHz fully di erential four-channel
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Figure 2.17: Normalized array factor of a uniform phased array system with (a) 16
and (b) 1024 elements [37]

beamforming front-end IC with variable gain phase shifters (VGPSs) [38]. This work
achieves a compact chip size by utilizing VGPS, which combines phase and gain con-
trol within a single block through their proposed dual-vector synthesis technique. The
authors further demonstrate a 64-element brick-type phased array antenna employing

the four-channel core chips, exhibiting an EIRP of 54.4 dBm at 28 GHz.

(@) ((b))

Figure 2.18: (a) 28-GHz four-channel beamforming front-end I1C [38] and (b) 28-GHz
2x2 TRX array [39]

Another instance is presented in [39], where a 32-element phased-array architecture,
based on a 28-32 GHz silicon core chip, is designed. This architecture features 4
transmit/receive elements, each equipped with 14 dB gain control and 6-bit phase
control. Eight of these chips are arranged on a printed circuit board (PCB) with

integrated antennas and Wilkinson combiners to constitute the 32-element array.
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Figure 2.19: Architecture of a Ka-Band eight-element, four-beam phased-array re-
ceiver front end [42]

2.3.2 Novel Architectures for Multiple Beam Phased Arrays

In addition to modern cellular applications (millimeter-wave 5G), integrated analog
(RF) beamformers have been widely applied in other wireless applications, like UAV
and satellite communication, where power consumption and the size of the devices
are of serious concerns. As a consequence, reducing the size and power consumption
of such beamformers is crucial. To achieve this goal, there are several recent works
that focus on developing compact and energy-e cient RF chains. As the simpli ed
block diagram of an RF chain shown in Fig. 1.7, the RF chain consists of an LNA
and a phase shifter (in receiving mode). However, in addition to these blocks, a real
RF chain has a gain control mechanism (usually a digital step attenuator) and several
other gain blocks for loss compensation. Improving the performance of each of these
blocks or combining functions of di erent blocks into a single circuit were the subjects
of several researches [14, 40, 41]

On the other hand, several recent studies focus on utilizing more than one simul-

taneous beam from a beamformer with a given area and power consumption. In such
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Figure 2.20: Block diagrams of a 28-GHz series-fed distributed beamformer [43]

systems usually one beam is steered independently while the other beam(s) act as a
mirror or an o set of the main beam and help to cover multiple spots simultaneously
which is highly desired in UAV and satellite communication. As an example, the
authors in [42] use an active combining scheme to enable compact implementation of
their proposed beamformer (the block diagram is shown in Fig. 2.19). Although tak-
ing this approach leads to forming an eight-element four-beam phased-array receiver
front end in a small chip area, the power consumption is increased noticeably.

As another example, the study in [43] showed that by using a series-feed network, a
distributed beamformer that is capable of supporting up to four simultaneous beams
can be constructed. Of these four beams, the rst beam can be independently con-
trolled, the second beam is created as a mirror image of the rst, the third beam is
shifted relative to the rst according to the phase shift within the series-feed structure,
and the fourth beam mirrors the shifted beam. The block diagram of the beamformer
is shown in Fig. 2.20. As a contribution to the recent advances in RF beamformers
discussed here, Chapter 4 of this thesis provides the details of the design and fabrica-
tion of a compact RF beamformer with pseudo-distributed ampli er architecture in
K-band.
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Chapter 3

Area-E cient Tapered Tunable
Transmission Line Phase Shifters

In the previous chapter, TTL phase shifters, which are usually constructed by cas-
cading identical ATL cells, are introduced. In addition, it is mentioned that although

it seems that TTL phase shifters are suitable candidates because of their zero power
consumption, large bandwidth, and good linearity, they have not been widely used in
integrated designs because of their relatively large chip area caused by the construc-
tion of the on-chip inductors. In this chapter, a novel compact Tapered TTL phase
shifter is proposed to reduce the overall chip area and hence the cost of the chip fabri-
cation. Similar to the conventional TTL phase shifter, Fig. 3.1(a), the proposed phase
shifter is constructed by cascading ATL cells. In the proposed design, while maintain-
ing the electrical length of the ATL cells, the cells' inductor size is gradually decreased,
or tapered, from the outer to the inner cells reaching the minimum ATL cell's induc-
tor in the middle cells as shown in Fig. 3.1(b). The tapering process is designed and
implemented in such a way that the return and insertion losses of the proposed phase
shifter remain in an acceptable range. The design process for optimal sizing of the
tapered cells is provided to achieve a compromise between matching performance and
area e ciency and is supported by mathematical analysis. To prove the e cacy of
the proposed tapering method, a Ku/K/Ka band MMIC phase shifter is fabricated

in a standard 65-nm Complementary Metal{Oxide{Semiconductor (CMOS) technol-
ogy and the measurement results are reported. The fabricated phase shifter provides
phase control of up to 180and low loss performance over the 16.5-31 GHz frequency

range.
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Figure 3.1: The appearance of the inductors in the layout of (a) ad -cell conventional
and (b) an N -cell proposed Tapered TTL phase shifter

3.1 Proposed Tapered TTL Phase Shifter

(@) ((b))

Figure 3.2: (a) Transmission line with electrical length and (b) lumped-element
realization of transmission line

Tunable transmission line phase shifters are constructed on-chip by cascading sev-
eral -ATL cells incorporating on-chip inductors and varactors (shown in Fig. 3.2) as
it is not economical to integrate conventional transmission lines on-chip because of
their large size. The ABCD matrix of a lossless transmission line with an electrical

length and with characteristic impedanceZ, (Fig. 3.2(a)) can be written as [34]:

2 3 2 3

4A 85 _4 cos ]Z oSIn 5. (3.1)

C D JY osin cos
On the other side, the ABCD matrix of a -ATL cell, Fig. 3.2(b), can be expressed

as [44]:
2 3 2 3
A B 1 LC!? jL!
S: (3.2)

C D 2iC!  jLC213 1 LC!?2
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Comparing the A (or D) elements of both matrices, one can verify that for a-ATL
cell to act as a transmission line of electrical length (as long as 9(), the
following relation must hold true between the values df, C, and at the operation

frequency! :
=arccos(l LC! ?): (3.3)

To tune the electrical length of a -ATL cell to produce a controllable phase shift,
the value ofL or C or both must be varied by a control signal. As it is not possible
to change the inductance of on-chip inductors, variable capacitors (varactors) are
utilized to vary the phase shift of ATL cells. These varactors can be constructed

using transistors. Considering thatC varies as
Cmin C Cmax ; (3-4)

the maximum phase shift that can be achieved by varying the varactor's capacitance

within its maximum range is calculated as
max = arccos(l LCmax!?) arccos(l LCmin!?): (3.5)

If it is assumed that the -ATL cell's input and output are matched to Z, when the
varactors are at their middle value Co = pm) and the electrical length is
equal to o (mid-range electrical length), as shown in [36], the maximum achievable
phase shift (  max) and the insertion loss of the cell are directly proportional to .
Therefore, to increase the ., it is required to increase o as long as the insertion

loss remains acceptable. Equalizing thB elements in (3.2) and (3.1) results in
L! = Zg sin 0- (36)

According to (3.6), the inductor reactance ! ) is directly proportional to o for
small (. It means that at a given frequency (), having a larger ( requires a larger
inductance (L). Furthermore, as can be seen from (3.6) for a givery and Z,, the
inductance is inversely proportional to! . Consequently, it can be concluded that if
this type of -ATL cell is intended for using in wideband, TTL based phase shifters,
the required phase shift at the lowest operating frequency determines the minimum

size of the inductors.
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Figure 3.3: Original and scaled -ATLs and their equivalent TL models.

In order to reduce the size of a -ATL cell without changing its electrical length,

we propose scaling the cell's inductor and varactors as follows:

8

<o L

. new — k (3.7)
" Chew = kC

as shown in Fig. 3.3. Based on (3.3) the new ATL cell will have the same electrical
length as the old cell. However, based on (3.6) the characteristic impedance of the

new cell is equal to

Z
Zonew = ?O: (3.8)

To design an area e cient multi-cell -ATL phase shifter, with proper input and
output matching to Zy, one solution is to cascade multiple scaled ATL cells and use
transformers at both ends to converZy=k to Z,, similar to the technique reported
in the design of an area e cient DA [45]. However, the low coupling coe cient, low
quality factor, and the size of the on-chip transformers increase the insertion loss
and the overall size of the circuit if this method is used for the design of the phase
shifters. Instead of using transformers, we suggest scaling down (tapering) the ATL
cell sizes from the input and output ports toward the center of a multi-cell TTL
phase shifter, as shown in Fig. 3.1(b). If the proposed Tapered TTL phase shifter
is properly designed, one can achieve proper input and output impedance matching
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while reducing the size of the TTL phase shifter and producing the same phase shift,
as in a conventional non-tapered TTL phase shifter.

In the proposed phase shifter, the characteristic impedance of the equivalent trans-
mission lines is scaled down from the outer to the inner cells. One can use the \small
re ections theorem" in [34] to properly match the input and output port of the phase
shifter to the desired port impedances. If we assume that ax-cell Tapered TTL
phase shifter (see Fig. 3.1(b)) ham tapered cells at both sides andh minimum-size
cells in the middle, increasingn results in better matching performance while reduc-
ing m results in more chip area reduction (recalling thatN is constant and equal to
n+2m).

Based on the discussed trade-o, we note that there is an optimum value fon
which simultaneously leads to acceptable matching performance and considerable
chip area e ciency. It should also be noted that nding the optimum number ofm
is equivalent to nding the optimum distribution for the scaling factors between the
tapered cells. The next section provides the analysis for calculating the optimum

number of tapered cells and the resulting insertion loss.

3.2 Analysis of Tapered Tunable Transmission Line
(TTTL) Based Phase Shifter

To arrive at the design process for the proposed Tapered TTL phase shifter that
optimizes the number of cells and size of required cells' inductors, capacitors, and
the tapering factor k, the rst step is to model the structure using transmission line
theory.

By equalizing theB and C elements in (3.2) and (3.1), one can write [46]:

Ll = Z¢ sin C (39)
and
11 cosc
cl=_————- 3.10
Zc Sin ¢ ( )

where ¢ and Z¢ are the electrical length and characteristic impedance of the cell

respectively, and the subscriptC indicates the dependency of their values on the
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varactors' capacitance. By substituting ¢ from (3.3) into (3.9) and/or (3.10), Z¢

can be calculated in terms of. and C as
S

L
ZC:

—C(2 LCI 2): (3.11)

Egns. (3.3) and (3.11) show that ifl. and C are, respectively, scaled up and down by
the scaling factor ofk, as described in (3.7)Z¢ will be scaled down with the same
scaling factor while ¢ has remained unchanged.

Using the developed transmission line model, in the next subsection an analysis is
provided to nd the optimum distribution of the scaling factors betweenm tapered
cells of anN -cell Tapered TTL phase shifter. Then, the equations for the calculation
of the insertion and return losses of the optimum phase shifter are derived in the

following subsection.

3.2.1 Calculation of Optimum Scaling Factor

In a general case of the Tapered TTL phase shifter, illustrated in Fig. 3.4, itis assumed
that the proposed phase shifter consists ah tapered cells at the beginning andn
tapered cells at the end. The rst and the last cells' characteristic impedanceZ()
is chosen to be equal t&, where their varactors' capacitance is at their mid-range.
Consequently, the inductor and capacitance of the varactor of the cells at both ends
of the transmission line can be found by equatingc to Zy, whereC is equal to Co.
Moving forward from the second to them™ cells, the inductor/varactor of the
(i +1)™" cell (wherei =1;2;::;m 1) is scaled down/up by the scaling factor ok;
from the immediate previous cell, respectively. On the other side, moving backward
fromthe (N 1) tothe (N m+ 1)™ cell, the inductor/varactor of the (N i)™
cell (wherei = 1;2;:::;m) is scaled up/down from the immediate previous cell by the
scaling factor ofk;, respectively. There are alsoN 2m) ATL cells with minimum
size inductor (area) in the middle. Based on that, we de ne the Maximum Scaling

Coe cient ( kmax ) as the product of all scaling factors from outer cells to inner cells:
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Consequently, the characteristic impedance of the secondnd” cell (Z;) is de ned

as
Zi= o—— (3.13)

wherei = 2;3;::;;m and Z; is equal toZ¢ and obtained from (3.11). The product of
Scaling Coe cients (kjs) should gradually change the characteristic impedance of the
cells fromZc to Zc=knax through the rstto the ( m+1)™ ATL cell. Conversely, the

(N m+1)"to(N 1) ATL cells' characteristic impedances must change from
Zn=knax t0 Zn (See??) where Zy = Z; if the input and output impedances are
equal. Therefore, for those cells, the cell's characteristic impedance can be written as

Zi= Qg (3.14)

j=i Kn'
wherei= N m+1;N m;:oN 1.

For the rst re ection plane, which is the connection of the input port and the
rst cell, the partial re ection coe cient, which describes the immediate re ection
between two consecutive transmission lines with di erent characteristic impedances
[34], can be written as

Zy Zo,

; 3.15
Z,% Z, (3.15)

1:

Additionally, for the second to the m" cell, based on (3.13), the partial re ection
coe cient for the plane between two consecutive and i + 1 cells, can be expressed

as:

Z4q Z1
Qi+1 QI
‘ Zivi  Z j=1 kj j=1 kJ 1 K (3.16)
T Zn 2 4 N4 1+ Kisy '
i+l N
i=1 Ki i=1 Ki

wherei =1;2;::;m 1.

Forthe (N m)™ to the (N 1) cell, the partial re ection coe cient between
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Figure 3.4: Circuit model of anN cascaded -ATL cells having 2m tapered cells with
arbitrary scaling factors distribution
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Figure 3.5: Transmission line model of aNl cascaded -ATL cells having 2m tapered
cells with arbitrary scaling factors distribution

Figure 3.6: N cascaded -ATL cells having 2m tapered cells with optimum scaling
factors distribution (partial re ection coe cients are shown)

two consecutivei andi + 1 cells, based on (3.14), can be calculated by

Z, Zy
SAN SN
o Zivi Zj _ j=i+l kn j j:ikN j
'tz oy 7 Z
At gt v oy (3.17)
J:i+l N J j:I N J
_ kn 11 1
kn i 1+1

wherei= N m+1;N m;:;N 1. Finally, the partial re ection coe cient at the
plane of the connection between the last cell and the output terminal port is equal
to:

Zo Z;.
21+ Zo

(3.18)

N+l =

Equations (3.15) to (3.18) show that the partial re ection coe cients for symmet-
rical planes, which are equidistant from the input and output ports, have the same
magnitude and only dier in sign. Finally, the partial re ection coe cients in the
planes of the connection of the middle ATL cells, which have the same characteristic
impedances, are all equal to zero.

For further processing, we consider the condition that if all the; are chosen to
be close enough to 1 such that all partial re ection coe cients have a magnitude less

than 0.1, the small re ection theorem can be utilized for further simpli cation of the
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problem [34]. Then, the Input Re ection Coe cient ( i,) can be calculated as

n= 1+ 2212 +m+ peldm D 4 e dAM 4
N omer€ 12N M e JAN M)y (3.19)

Gel2N b a2

Up to now, we assumed that the ATL cells are lossless. However, in the practical
realization of an ATL cell, the cell's inductor and both varactors have a limited
quality factor and introduce loss to the network. For computing this loss, one can
add series and parallel resistances to inductor and capacitors of the lumped model of
each cell (Fig. 3.2(b)), respectively, and make complicated analysis based on lumped
element ABCD matrices. For easier calculations, we can use the low-loss transmission
line model. In a low-loss transmission line, it is assumed that the electrical length
( ¢) and characteristic impedance4¢) are remained unchanged while each traveling
voltage signal, in addition to thee / ¢ phase shift, is attenuated by a factor ok
Based on this de nition, for each ATL cell in the proposed phase shifter shown in
Fig. 3.5, we introduce an attenuation factore i wherej = 1;2;::;;N. It should

be noted that similar cells should have similar attenuation factors. As a result, by

assuming such attenuation factors, (3.19) is changed into

R+l Yl
n= 1+ [l D e?in
i=2 j=1
m
mep € 12N M) e?l (3.20)
j=1
Xn . . N +i
[ m i+1elz(N m+0) er]:
i=1 j=1

Eq. (3.20) shows that the re ections from the planes that are closer to the load
side experience more loss than the re ections from the rst cells. As a consequence,

we can only keep ; and the rst summation terms in (3.20) and rewrite it as
xn o Y
n ot [P0 D e (3.21)
i=2 i=1
The magnitude of the input re ection coe cients calculated in (3.21) is maximized

when all thee 120 D terms are assumed to be equal to 1, requiring that2( 1) =
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2k for all i from 1 to m. Then, for the maximum absolute value of the Input

Re ection Coe cient ( ] inmax J) We can write:
- - XT] - -
J in;max J J il (3-22)
i=1
knowing that all the e 2 i factors are smaller than one. Substituting the partial

re ection coe cients from (3.16) and (3.17) in (3.22),] inmax ] Can be written as

xq ki,

a1 (3.23)

j in;maxj J

If we assume that the rst and the last cells are properly matched to the source
and load impedances, ; is negligible in comparison to the rst term of (3.23). As a
consequence, to minimize the i,.max j, the following function should be minimized:

X 1 mm+1) X1
.1ki+1_ 2 . ki+1.

(3.24)

Knowing that the product of all the k; is equal tokmax according to (3.12), one can

conclude that (3.24) will be minimized if all thek; are equal, i.e.

ki= ky=::=ky = i Kmax : (3.25)

The above analysis is also valid for o¢. This means that input and output re-
turn losses will be minimized if the cells are scaled uniformly (same scaling factor of
R Kmax ) from the input and output ports toward the center. The transmission line

model of the optimum phase shifter is shown in Fig. 3.6.

3.2.2 Calculation of Loss

The total loss of the proposed optimum phase shifter (Fig. 3.6) is caused by the loss
due to the limited quality factor of the cell's elements L 4, ) and the loss by the

mismatch at the input port (ML):

1
S5 = —M— 3.26
SR VT (3.26)
wherelL 4, can be expressed as
1
ILan = Q—— e (3.27)
i=1

49



and ML can be written as [47]

1
ML = TN (3.28)
and where j, is calculated by
e U S
in 1+ _E: [e j2( 1) e 2 l]’ (329)
1+ 7 Kmax -, j=1

which is obtained from (3.21) while considering the optimum design of the tapered
cells given by (3.25).

3.3 Design Procedure

In this section, a step-by-step procedure for the design of the proposed Tapered TTL
phase shifters is presented. The main aim of the phase shifter design is to achieve the
speci ed phase shift range over the entire frequency band from the lowest operating
frequency ) to the highest operating frequency f(;), while the Area=|S,,;j (as a
criterion for e cient design) is minimized and, simultaneously, the return loss remains
below an acceptable range. The output of the design procedure must ultimately de ne
parameters like the total number of cells)l ), the number of tapered cells (&h), and

the physical speci cations of the inductors and varactors of the tapered and middle
minimum-sized cells. In Section 3.2, we have shown that the scaled ATL cell and
the original cell have the same electrical length. Therefore, one can conclude that
in designing a phase shifter with a speci ed desired amount of phase shift, both the
Tapered TTL phase shifter and its conventional counterpart should have the same
total number of cells. Consequently, the design procedure can begin by designing a
conventional TTL phase shifter. Once the number of cells and electrical length of
each cell are determined, the Tapered TTL phase shifter can be designed by nding
the remaining parameters including the number of tapered cellsn) and the scaling

factor of the minimum sized cells Knax ).

3.3.1 Design of a Non-Tapered Conventional TTL Phase
Shifter

Considering that the varactors of a cell have their mid-range capacitanc€{), one

can use (3.3) to show that at the operating frequencyf {, the relationship between

50



the mid-range electrical length of the cell (3 ) and cell's components can be described

as
LCo! 2= 25in2(%); (3.30)

wherelL is the inductance of the cell's inductor. If we de ne the reference frequency
(fref ) as the frequency at which the cell's characteristic impedance is matched to the
impedance of the input and output ports Z) with the varactors at their mid-range,
substituting (3.30) in (3.11) shows that

(3.31)

Tuning the varactors' bias condition, the varactor's capacitance varies according to

C = C,where 'srange is

r r
Cmin Cmax .

Cmax Cmin .

(3.32)

Substituting the results of (3.30) and (3.31) in (3.11), one can show that the cell's
characteristic impedanceZ¢), for any arbitrary varactors' capacitance and operating

frequency, can be calculated as

of
Zocos—

Zc(;f)=s : (3.33)
@ sin (2P

This equation shows that at the frequencies other thah,e; , even if all varactors are

in their mid-range ( = 1), there will be a mismatch at the input and the output
ports. Since we know that in practical design the attenuation loss will be increased at
the higher frequencies, de ningf s = f, and ¢ = ¢,, we minimize the mismatch
loss at the higher frequency parts of operating bandwidth and, as a consequence,
create a balance in the total insertion loss. Similarly, using (3.3), the phase shift
of a cell for any arbitrary varactors' capacitance (bias condition), in the operating
frequency range, can be expressed as

(;f)=arccos(1 2sin 2(ﬂ)(f_

5 fu)2): (3.34)
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As shown in (3.34), the cell's phase shift is increased by increasing the frequency,
hence the number of cells is determined by the maximum achievable phase shift at
the lowest frequency ( max@r,) Of @ cell. Using (3.34), one can easily show that

max @, 1S equal to .

e, =a1cc05(1 2 M sin® ()¢
e . (3.35)

arccos(l1 2 max oin2e_Ofuye 112y,

( Crnin ( 2 )(fu) )

Using (3.35), the graph of nax@, as a function of ¢, for dierent values of
Cmax=Cnin (1.5, 2, 3 and 35) is shown in Fig. 3.7. As expected, the graph con-
rms that having a greater C,.x=Cyin results in a greater phase shift. Moreover,
it shows that increasing o,, which requires larger inductor andC, sizes, leads to
an increasing value of nax@r,. It should be noted that the maximum achievable
amount of C,,.x =Cin depends on the target semiconductor technology. For instance,
in our 65-nm CMOS processCmax =Cnin IS limited to 3 for varactors with acceptable
quality factor (Q  15). Consequently, the only way of obtaining larger maxex, for
a cell is to increase ,. However, we will show later that using a larger inductor
and larger varactors to increasey, degrades the matching condition as we deviate
from f e and Cy. As a result, the maximum available phase shift of a cell is limited.
Therefore, to achieve the desired phase shift, multiple cells must be cascaded. The

required number of cells ) can be computed as

N = fIOOr[Deswed P hase Shlft] 41 (3.36)

max @
where thefloor function returns the largest integer which is less than the operand.

Now, to investigate how choosing largery, degrades matching condition in arN -
cell conventional TTL phase shifter, we need to calculate the return loss as a function
of o,. In such a phase shifter, all of the partial re ection coe cients ( ;'s), except

i =1, are equal to zero. However, using (3.33),; can be written as

e Z0it)  Zo _
= z0n vz,
cos% (1 sin 2(%)(%)2) (3.37)
cos% + (1 sin 2(%)(:—11)2).
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Figure 3.7: The maximum phase shift at the lowest frequency ( maxar,) VS. of, IN
a conventional ATL cell for di erent values of Cyax =Chin -

It can be shown that for a wideband designf(=f, 2) and the practical value
of varactors' range Cmax =Cnin 4), the greatest mismatch occurs at the lowest

frequency ), with = Chax=Cyin . Consequently, the maximum value of ; can
be calculated as

S .
t
Cosﬂ Cmax Cmax i 2(&)(1:_')2
2 Chi Chi 2 f
) _ - min min u o (3 38)
(max ) e . .
of Cmax Cmax . of fl
cos—— + —sin?(—=)()?
2 Cmm Cmin ( 2 )(fu)

There are two re ections at the input port of a TTL phase shifter. One re ection
is due to the mismatch between the characteristic impedance of the rst cell and the
input port and the other is the re ection caused by the mismatch between the last
cell and the output port which travels back to the input. In the practical design, even
in low-loss cells, the second re ection term experiences enough loss which makes the
second re ection negligible in comparison to the rst one. As a result, considerirgy
as the attenuation factor of each cell, the input re ection coe cient ( i,) calculated

from (3.19) can be approximated as

" . qe 12N) g 2N) (3.39)
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As can be seen, the attenuation factor is in uenced by a power oN2 This implies
that even if the cells are low-loss (e.ge = 0:9), for N values greater than or equal
to 10, the impact of the second term diminishes signi cantly compared to the rst

term. Consequently, Equation (3.39) can be further simpli ed to
in 1- (340)

The maximum re ection coe cient ( S;imax ) Of the TTL phase shifter indB scale can

be expressed as [34]
Stmax (dB) = R:L =20109( in e 1) = 20109 (] 10,1 (3.41)

where 1,max) is obtained from (3.38). One of the most important criteria in the
phase shifter design is that;; should be below an acceptable value for all varactors'
bias conditions and over the entire operating frequency range. Considering that we
assumed the phase shifter is low loss and of a conventional ty[82:max 20dB

can be considered as a standard design criterion. Consequently, for a given value for
Cmax =Cmin and the desired fractional operational bandwidthf(,=f,), one can plotS;;

as a function of ¢, to nd the acceptable range of (,. Fig. 3.8 shows a sample of
such a graph by assuming that in the desired design=f, = 2 and Cyax=Cnin = 3

in the target semiconductor technology. It can be seen that fd8;; to remain below

20dB, o, should vary only between
22(deg) of, D3(deg): (3.42)

Evaluating (3.9) at f, and at the varactors' capacitance mid-range value shows that

— ZoSin( ofu)

L !

(3.43)

which shows that the inductance value of the cell is proportional t®in( ¢,). If
we assume the size of an on-chip inductor is proportional to its inductance value,
the chip area of a conventional TTL phase shifter can be approximated by times
the inductors' size (N sin( ¢,)) once normalized by the area of a 90 degree cell
(Zo=!). This expression provides an approximation of the chip area which is needed

for the optimum design of the phase shifters. For an area-e cient TTL phase shifter
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Figure 3.8: The maximum re ection coe cient (S;1max ) Of an 180 degree phase shifter
as function of ¢, in a conventional low-loss TTL phase shifter.

design while considering its RF performance at the same time, one can introduce the

following Figure of Merit (F OM ouioss)

Area .
FOM owioss = iSh | =N Sln( Ofu) ML min
_Nsin( o). (3.44)
1) yeol?

Minimizing (3.44) results in the most area-e cient design with the minimum in-
sertion loss. For the mentioned technology limitations in our target technology
(Cmax=Cmin = 3), to achieve a total phase shift of 180 degree over an octave band-
width (f,=f; = 2), the above-de ned FOM u0ss IS plotted as a function of «, in
Fig. 3.9. The gure shows that the introduced FOM is a descending function oty .

As a result, for the optimum design, considering the allowable range of, which is

de ned in (3.42), o, should be equal to 53 degrees. Using (3.35) and (3.36) shows
that in that case the number of needed cellsN) for 180 degree phase shift is equal
to 13. In addition, after nding the ¢, and N, the values of the cell'sdL and C, can

be calculated by

| = Zosin(or,)
2f
3.45
tan (—2v) (3.43)
Co= 27 :
21 ,Zo
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Figure 3.9: FOMoui0ss Of an 180 degree phase shifter as a function of;, in a
conventional lossless TTL phase shifter.

In the lossy case, as shown in (3.26), the insertion loss, in addition to the mismatch
part (ML), has an attenuation part (IL 5rn) as well. Consequently, the FOM which
is calculated in (3.44), can be changed to

N sin( o)

121y ]
N sin( o,)

QT yean? (@ N

It should be noted that the attenuation part (e ) of the insertion loss is dominant,

FOM Lossy —
(3.46)

particularly for ATLs implemented on-chip and it is maximum atf,. The attenuation
constant (e ) is a parameter that depends on the target semiconductor technology.
Therefore, developing an analytical expression f6fOM .ssy IS not a straightforward
task. Consequently, the practical approach to account for the attenuation loss will
be designed by iteration. In the rst step of the design-by-iteration method, it is
assumed that the ATL cells are low-loss. Therefore, the initial values f&d and ¢,
are found by minimizingF OM ouwi0ss, de ned in (3.44), while keepingS;; 20dB.
Based on the obtained value for,, the initial values of L and C, of the ATL cell are
calculated by using (3.45). In the second step, the ATL cell constructed with and C,

is simulated using the models provided in the design kit of the target semiconductor

technology to nd the attenuation constant (e ) of the cell. Taking the loss of cell
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into account, new values oN and ¢, can be found through an optimization process
that minimizes FOMqssy, de ned in (3.46), while keepingS;; 20 dB. Using
the new value for (,, the values ofL and C, are recalculated using (3.45). The
procedure is continued by repeating the second step with new calculated valueg. of
and Cy. Simulating ATL cell with the models ofL and C, results in a new attenuation
constant (& ). Then, minimizing FOM sy (While keepingS;, 20dB) by using
new attenuation constant generates new values fof and ¢, which must be used to
repeat the second step of the process again. Finally, the iteration must be continued

until N (or equivalently o ,) is converged to a single value.

3.3.2 Design of a Tapered TTL Phase Shifter

Hence, the number of total cellsi|) and initial electrical length ( ¢,) of the proposed
phase shifter and the conventional one are identical, the design equations fgr, and

N, which are developed in the previous subsection, can be used in the design of the
Tapered TTL phase shifter as well. However, as discussed in Section 3.2, in the
Tapered TTL phase shifter, there are extra re ections between tapered cells which
increase the mismatch part of the insertion losdML ) comparing to the conventional
one. In other words, while in the Tapered TTL phase shifter the same amount of
the phase shift is produced, the goal is to implement the phase shifter in a smaller
chip area at the cost of the higher return loss. Accordingly, in order to make a
compromise between return loss performance and chip area e ciency in the proposed
Tapered TTL phase shifter, the acceptable return loss is relaxed &, 10dB to
accommodate for extra re ections.

In this section, like the conventional TTL phase shifter design, we assume that
the re ection from the cells, which are closer to the output port, are considerably
attenuated and do not reach the input port. Therefore, assuming that the proposed
N -cell Tapered TTL phase shifter hasn tapered cells at both input and output sides,

in can be rewritten as
in = EREU (3.47)
i=1

Knowing that for i = 2; 3;:::; N, in any varactors' bias condition, the partial re ection
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coe cients ( ;) still remain the same as those calculated in (3.29)

p kmaX 1
kmaX + 1

because all the varactors are scaled uniformly Substituting (3.48) in (3.47), the input
re ection coe cient can be written as

Q — +1

Kmax 1% e i20 .

3.49
kmax + 1 i= ( )

n= 1%t
2

where the second term represents the e ect of the extra re ections. As can be seen,
this term is a function of the electrical length of the cell, the number of tapered cells
(m), and the scaling factor of minimum-sized cellsk(ax ). We know from (3.34) that

the cell's electrical length () varies in the following interval:
r

fi

Crin _.
arccos(l 2 Cm'” sin?( (; NIE: )2
r Cmax ! (3.50)
arccos(1 2 2™ gin2(-Zey+
Cmax 2
and the maximum number of tapered cellsniax) can be found by
€ N
= is even
Mmax = 2 3.51
max N 1 N is odd (3:51)

2

We are looking for the optimum values ofm and knax , to keep return loss over 1@IB
(or equivalently j inj 0:3) for all possible values of the cell's electrical length and
simultaneously minimizingArea=IL ratio.

Consequently, for any given values o, sweeping in the interval de ned in
(3.50), one can record thg i, ] a@s a function ofkmax. Then, by intersecting the
horizontal line of j inj = 0:3 (jS14j 10 dB) with j ... ] graphs, the maximum
allowable value ofk.x for each value oim can be extracted. In Fig. 3.10, thg i, ]
graphs for the Tapered TTL phase shifter, which produce the equivalent phase shift
of the conventional phase shifter, discussed in the previous subsection, are plotted.
The gure shows for the number of tapered cellsnf) of 2; 3; 4,5 and 6, the maximum
allowable scaling factor of the minimum sized cellk{.x ) should be 14; 1:45; 1:8; 2:25
and 26, respectively. Furthermore, similar to calculations in Section 3.2, to ensure

that using small re ection theorem is valid, it is assumed that the partial re ection
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Figure 3.10: Magnitude of input re ection coe cient (j in,., J) Versuskmax for m =
2;3;4,5 and 6 where ¢, =53°and N = 13.

coe cients are small (j ij 0:1). Substituting (3.25) in (3.16), the condition that
the partial re ection coe cients between tapered cells are small, results in

. . Kk 1
j o= Jeikmax o1 O (3.52)

max

wherei = 1;2;:::m. Therefore, any pair ofkyax and m values which are extracted
from the Fig. 3.10 must be checked to satisfy (3.52) as well.
Finding the possible pair values ofn and kna from (Fig. 3.10), the characteristic

impedance of each cell4;) can be calculated as

8
3 Zo 18t and last cells
Z, = S _"PZkOT (=2:=m 1) 1apered cells ; (3.53)
Zo_

Minimum sized cells

Kmax
As the size of an on-chip inductor is proportional to its inductance value, the chip
area of a Tapered TTL phase shifter can be estimated by the summation of cells'
inductance values. Based on (3.53), for each pair af and ky.x, the area of the
proposed Tapered TTL phase shifter, after eliminating common factors of siny,)

and Z,, can be estimated as

0(1

1 1
Area /| [2+2 —+(N 2m : 3.54
[ B m ( ) kmax] (3.54)
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Table 3.1: Area estimation form and k.« pairs extracted from Fig. 3.10

M | Kmax | Area | j i+1j(i =2;3; 5 Mmax)
2 14| 89 0.03
3|145| 83 0.03
4| 18| 75 0.05
51 225| 6.9 0.07
6| 26| 7.1 0.09

Since all possible pairs o and k. satisfy the requirement of the maximum return
loss, the most e cient design will be the one that minimizes the area.

For the assumed case (a 13-cell 180 degree phase shifter), the values of the estimated
area for each pair oin and k. (extracted from Fig. 3.10), are summarized in Table
3.1. As can be seen, the computgd;.;j fori =1;2;::;; Mpax (sSee (3.52)) shows that
the partial re ection coe cients between tapered cells for all pairs ofm and Kpax,
are small enough to satisfy (3.52). Consequently, based on the estimated area, the
optimum values form and kn,ax are 5 and 225, respectively. Knowing the values
of m and kmax, Similar to TTL phase shifter, the inductance () and mid-range
capacitance Co) values of each cell can be calculated by using (3.45) whetg is
replaced by each cell's characteristic impedancé;( obtained in (3.53). In the lossy
case of the tapered phase shifter as shown in (3.29), unlike the conventional one,
the input re ection coe cient is also a ected by the cell's attenuation factor (e 1).
Similar to the conventional caseg i of cells depends on the target semiconductor
technology and should also be extracted by simulating the real cells in a proper CAD
tool. Therefore, for accounting attenuation of cells, the design process of Tapered
TTL phase shifter should be iterative. It means that in the rst stepm, knax and
consequentlyL and C, of the cells should be computed by minimizing (3.54) while
assuming that the cells are lossless. Then, constructed cells should be simulated in
a proper CAD tool which provides the target semiconductor technology models to
extract e i values. As the maximum insertion loss is mostly determined by the
high-frequency attenuation factor, thee i factors should be extracted af ,. In the

next step, the input re ection coe cient must be calculated by (3.29). Similar to the
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case of lossy conventional TTL phase shifter, a FOM can be de ned as

FOM |Ossy = Area IFI)_ atn
2+¢2 L TpLl_+(N 2m) L (3.55)
N .

nkmax
4 )
j=1 €’

After running simulations for di erent pairs of m and k.« , the pair that minimizes

the (3.55) should be selected for the nal design.

3.4 Ku/K/Ka Band Tapered TTL Phase Shifter

As a Tapered TTL phase shifter example, the complete design process, simulation,
fabrication, and measurement results of a Ku/K/Ka Band Tapered TTL phase shifter
which provides continuous phase shift up to a maximum of 180 degree, are presented

in this section.

3.4.1 Design of a Ku/K/Ka Band Tapered TTL Phase Shifter

The proposed phase shifter is designed to provide 0 to 180 degree phase shift contin-
uously over the 16 (f|) to 33 GHz (f,) frequency band. A standard 65-nm CMOS
technology is chosen for the implementation of the proposed phase shifter.

As mentioned in the previous section, the rst step of the design procedure is
designing a conventional TTL phase shifter. For the chosen 65-nm CMOS technology,
Crax =Cnin Is limited to 3 for a minimum quality factor of 15.

Using the method described in Section 3.3.1, we rst nd optimum values ¢d = 13
and the corresponding s, = 53 degrees for the low-loss design. The corresponding
cell, constructed with L equal to 2375pH and Cy equal to 52ZF , is implemented
using the models provided in the design kit. The simulation results show that for the
50 cell with ¢, = 53°, the attenuation factor (e ) is equal to Q842. For the lossy
case, we need to nd new values foN and ¢, that minimize the FOM de ned in
(3.46) via an optimization process. As shown in Table 3.2, in this case the optimum
values for s, and N are equal to 59 degree and 11, respectively. Based on these
values, the cell's inductance valuel() and varactors' mid-range capacitance(,) are
optimized to 315H and 6% F , respectively.
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Table 3.2: Design table for matched cells in conventional TTL phase shifter in 65 nm

cmos Technology

L [pH] | Co [fF] @°3£d§312 @165 ([gﬁgi N | @336H: @3e3GHz 'E‘é%'GEZB V| FoMies,
210 40.7 43 12.5 15 0.07 0.863 9.6 93.7
262.5 50.9 51 14.5 13 0.1 0.842 9.8 94.1
290.5 54.8 52 15.5 12 0.11 0.832 9.6 90.2
315 61 59 17 11 0.12 0.822 9.4 82.6
350 67.8 68 19 10 0.15 0.79 10.3 100.2
385 74.6 79 20.3 9 0.29 0.763 11 110.3

Table 3.3: Attenuation factor for cells with di erent Characteristic Impedance in 65
nm cmos Technology

kmax | Zco [1 | L [PH] | Co [fF] | g g
1 50 315 61 0.822
15 33.33 210 91.5 0.823
2 25 157.5 122 0.827
2.5 20 126 1525 | 0.828
3 16.8 105 183 0.825
4 12.5 78.7 244 0.823

Knowing the results of the conventional designN = 11 and «, = 59°), the

process of the low-loss tapered design is started by extracting initial values Q¥ax

and m, without considering the cells' attenuation factor € i). Simulating several

scaled cells with di erent scaling factorsKmax ) in the target semiconductor technology

shows that the attenuation factor is found to be approximately the same for all of

them (see Table 3.3). Consequently, the process of nding optimum values fidfax

and m can be directly started by calculatingj i, j through (3.29), where all ¢ 1)

are equal to 0822. In Fig. 3.11, for a di erent number of tapered cellsr = 2;3;4

and 5), the maximum magnitude of the phase shifter's input re ection coe cient is

plotted as a function ofkna . Considering the return loss of better than 10 dB, the

maximum allowablek,,x for each value oimn is extracted from Fig. 3.11 and are given

in Table 3.4. Based on these results, the optimum design for the proposed Tapered

TTL phase shifter, the outer cells, at both input and output sides, must be designed

with the inductor and varactor values corresponding to the matched cell (50 ) while

the second to the fourth outer cells (at both sides) are scaled by the factors%m,
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Figure 3.11: Magnitude of input re ection coe cient at of, versuskmax for m =
2;3;4 and 5 for the 180 degree, Ku/K/Ka band, 11-cell Tapered TTL phase shifter.

Table 3.4: Extracted pairs ofm and kpax in 65nm CMOS Technology for Return loss
better than 10 dB and estimated FOM

M | Knax | FOM | qssy
2 | 1.75 64.9

3| 1.85 66.2

4 | 2.25 63.8

51| 275 64

g 2:2% and g 2:25%, respectively. The remaining three inner cells are all designed

with the minimum size which is scaled by the factor of 25 from the rst and the
last cells.

3.4.2 Tape-out and Fabrication

In both conventional and Tapered TTL phase shifters, the inductors are implemented
on the topmost metal layer (Metal 9) to obtain the highest quality factor possible.
All of the inductors of the conventional TTL phase shifter have the same inductance
value of 282 pH. To make a compact oor plan for the phase shifter (as shown in
Fig. 3.12), the rst inductor is implemented with a 9 um wide Metal 9 trace with
1:5 turns and the inner radius of 22 um. All other inductors have the same width

but they have 175 turns and their inner radii are equal to 1& um. The number of
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Table 3.5: Physical dimensions of the cell inductors and varactors in the fabricated
Tapered TTL phase shifter

Inductor Parameters Varactor Parameters

Cells No:

T R[um] L [pH] G B
1 75 15 210 2 15
2 o0r 10 125 195 160 2 19
3or9 125 15 123 2 25
4 0r8 Q75 223 89 2 34
5,6o0r7 Q75 155 65 2 45
11 15 185 210 2 15

groups (G) of all varactors in the conventional phase shifter is equal to 2. In each
group, the number of ngers (B) is equal to 12 and the width (W) and length per
nger (L) are equal to 1:1 um and 200nm, respectively.

In the Tapered TTL phase shifter, the trace width of all inductors in all cells
equals to 9um. Moreover, the length per nger (L) and the width per nger (W)
of the varactors are identical and equal to 206m and 1 um, respectively. For the
minimum-sized cells (3 middle cells) the inductors haveTb turn and their radius is
equal to 155 um. The varactors in those cells have 2 groups and 45 ngers. The
physical dimensions of the inductors and varactors of all cells are summarized in Table
3.5. As can be seen from the table, the inductance value of the rst and last cells is
smaller than the value that is computed for the 50 cell. This di erence is mainly
due to the optimization and tuning that is performed for the removal of the parasitic
e ects of the traces which are used to connect the rst and the last cells to the input
and output ports, respectively. Furthermore, it should be noted that the inductors
in the rst and the last cells are implemented with a di erent number of turns and
dimensions in order to produce the most compact oor plan.

The nal 11-cell Tapered TTL phase shifter is laid out for fabrication (Fig. 3.12, the
upper circuit). As mentioned in the previous section, to compare the area e ciency
of the proposed phase shifter with the conventional design, the conventional non-

Tapered 11-cell TTL phase shifter is also fabricated. The layout of this phase shifter
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Figure 3.12: Implemented 11-cell Tapered TTL (Upper) and TTL (Lower) Phase
Shifters in 65nm CMOS technology.

is also shown in Fig. 3.12 (the lower circuit).

3.4.3 Measurements

The phase shifter performance was measured by on-wafer probing. The Keysight
E8361C PNA calibrated up to 40 GHz using standard Short/Open/Load/Through
(SOLT) method along with a CASCADE 110-GHz Ground-Signal-Ground (GSG)
probe station is used for measuring the phase shifter S-parameters. As shown in the
measurement setup in Fig. 3.13, the biasing voltage of the phase shifter's varactors
is applied via wideband (up to 65 GHz) Bias Tees (SHF 65 BT) which are cascaded
with the probes. The input and output pad parasitic e ects on the phase shifter
are de-embedded by measuring the scattering parameters of a single isolated dummy
GSG pad on the fabricated chip.

Fig. 3.14(a) shows the measurement results of the relative phase of the fabricated
11-cell Tapered TTL phase shifter as a function of frequency for di erent control
voltages. As can be seen, since for the same variation of control voltage, the amount
of phase shift is increased by increasing the operating frequency, the desired 180
degree phase shift can be achieved by a more limited control voltage range at the
higher frequencies. For example, Fig. 3.14(a) shows that for providing a 180 degree
phase shift at 165 GHz, the control voltage must vary between 0:5 to +0:5V while
for the same phase shift at 24 GHz, it should vary between0:5 to near +0:1V and
it should vary only between 0:5to 0:1V at 31 GHz.
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Figure 3.13: Measurement setup.

The measurement results for the insertion loss of the fabricated phase shifter are
shown in Fig. 3.14(b). The gure shows that at the lower edge of the band (1%
GHz), the insertion loss of the phase shifter varies betweerb3o 7 dB, while at 24
GHz the insertion loss is between 5 to 10 dB and at 31 GHz it changes betweeb 6
to 10:5 dB. Considering that insertion loss has a low-pass frequency response, the
frequency at which the average insertion loss (averaging over the required control
voltage range) is 3 dB lesser than the average insertion loss at3.&Hz, is de ned
as the upper edge of the operating frequency band. By this de nition, the highest
operating frequency {,) is 31 GHz.

The measurement results for the return loss of the fabricated chip are plotted
in Fig. 3.14(c). This plot shows that for any control voltage and at any operating
frequency, theS;; is less than 10 dB. For the conventional TTL phase shifter,
similar graphs of measurement results are provided and plotted in Fig. 3.15. De ning
the lower edge frequency for the conventional TTL phase shifter as the minimum fre-
guency at which 180 degree phase shift can be achieved, the lower operating frequency
edge was found to be 18 GHz. Knowing that at 185 GHz, the average insertion
loss in TTL phase shifter is around 6 dB, the upper operating frequency) with an
average insertion loss of 9 dB is 31 GHz. Comparison between the insertion losses of

both phase shifters shows that, despite the fact that average insertion loss is approx-
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Figure 3.14: Measured (a) Relative Phase, (I§,, and (c) S;; of the 11-cell Tapered
TTL phase shifter versus frequency for di erent control voltages.

imately the same, in the Tapered TTL phase shifter, varying control voltage results
in more uctuation in the insertion loss because of the extra inter-cell re ections.

In our design, the mutual coupling between the inductors of the cells is not taken
into account as we minimized the mutual coupling between inductors using grounded
guard rings. However, the guard ring does not entirely eliminate the mutual cou-
pling and it can result in the increase of the cells' inductance. As a consequence,
increasing the cell's inductance can cause excessive deviation of the cell's charac-
teristic impedance from port impedances whenever the cell's varactors capacitance
is high (varactors are forward-biased). Neglecting this mutual coupling results in a
considerable di erence between the predicted performance (via simulation) and mea-

surement results, particularly at the end of the frequency band. As an example, while
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Figure 3.15: Measured (a) Relative Phase, (,; and (c) S;; of the 11-cell TTL
phase shifter versus frequency for di erent control voltages.

the average di erence between simulated and measured results (in all varactors' bias
conditions) at 165 GHz is less than 5%, it is increased to 15% at 31 GHz.

As the non-linear components in the proposed Tapered phase shifter are the var-
actors, the proposed circuit is expected to behave very linearly. To examine the
linearity performance of the proposed phase shifter, the simulation results of the
input-referred third intersection point (IIP3) at some selected frequencies within the
operating bandwidth and for the control voltages corresponding to relative zero and
180 degree phase shifts, are reported in Table 3.6. For these cases, the minimum [1P3
is 15 dBm which is considered an acceptable value in many applications.

The delay per size gs=mn¥] and the insertion loss per delaydB=pg are two
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Table 3.6: Input referred third intersection point (11P3)

frequency | Control V oltage 1P 3
-0.5V (0 deg.) 22.7 dBm
16.5 GHz 5 5V (180 deg) | 22.2 dBm
-0.5V (0 deg.) 24.0 dBm
+0.5V (180 deg.) | 21.2 dBm
-0.5V (0 deg.) 21.8 dBm
+0.25V (180 deg.)| 16.8 dBm
-0.5V (0 deg.) 16.9 dBm
+0.1V (180 deg.) | 15.0 dBm
-0.5V (0 deg.) 17 dBm
+0.0V (180 deg.) | 15.2 dBm
-0.5V (0 deg.) 21.2 dBm
-0.1V (180 deg.) | 18.4 dBm

18.0 GHz

22.0 GHz

26.0 GHz

28.0 GHz

31.0 GHz

well-known Figure of Merits (FOMs) which are widely used to compare the area
e ciency and high-frequency electrical performance of the phase shifters [48]. The
phase shifters with the larger delay per size are considered to be more area-e cient
designs while the ones with the lower insertion loss per unit delay have better RF
performance. These FOMs are calculated and reported in Table 3.7 for the proposed
Tapered TTL phase shifter, the equivalent conventional design, and other millimeter
wave phase shifters reported in the literature. In the computation of the mentioned
FOMs, for each phase shifter, the reported®elay and Loss have been considered
as the average of the maximum provided delay and the insertion loss of the phase
shifter over its bandwidth, respectively. Table 3.7 shows that in Tapered TTL phase
shifter, comparing to the conventional design has the same insertion loss but the area
e ciency is increased by more than 25 percent. In addition to the mentioned FOMs,
to evaluate both area e ciency and insertion loss by a single quantity, we suggest

another gure of merit de ned as

Delay

FOM1= % (3.56)

Delay

As a result, the dimension of theF OM 1 will be [ps?>=(dB:mm?)]. Based on the value
of FOM 1 for the reported Phase shifters in Table 3.7, the proposed design noticeably
outperforms others.
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Table 3.7: Comparison table with related research works.

This work

This work

(Conventional) (Tapered) 35] [44] [49] [50] (1] (48] (52]
Technology s Gam | Sam | ewn  |otom| oxm | s | 0t3m| 025um
Frequency Range GHz) 18.5-31 16.5-31 26-30 57-64 8-18 19.7-22.8 | 28-35 | 15-40| 10-50
Topology Tunable TL Tapered TTL RTPS | Tunable TL | TTD | Tunable TL | STPS | TTD | TTD
Phase Shift deg 180 180 160-180 133 125ps 360 290~360 | 40ps | 32.8ps
Phase Resolution ¢eg Cont. Cont. 11.25 Cont. 3.9ps Cont. 5.2 5ps | Cont.
Average IL (dB) 7 7.2 16.5 7.8 19 13 125 14 155
Maximum IL (dB) 10.5 12.2 175 233 23 15 17 16 17
Delay (ps) 211 22.7 16.67 5.8 125ps 20 28.57 40 32.8
Power Consumption mW) 0 0 0 0 0 10.4 0 24.6 0
Area (mm?) 0.22 0.17 0.17 0.042 2 0.28 0.24 0.99 | 0.22
Loss/Delay (dB=ps) 0.389 0.402 1.01 1.62 0.152 1.53 0.438 | 0.400 | 0.473
Delay/Area (ps=mn?) 122.7 178.2 98.1 154.3 62.5 71.4 119 40.4 | 149.1
FOM1 (ps’=(dB:mm?)) 3154 443.3 97.1 95.24 411.2 46.7 271.7 101 | 3155

* FOML1 is de ned in (3.56)

3.5 Discussion and Conclusion

TTL phase shifters are widely recognized as e ective solutions for implementing beam-
formers due to their attributes, including broad bandwidths, precise phase resolu-
tions, and excellent linearity|all achieved without power consumption. However,
challenges arise when these phase shifters are realized on-chip, manifesting in high
ILs and substantial chip area occupation. These issues stem from the large size and
low-quality factor of on-chip passive components. In this contribution, we introduce

a Tapered TTL approach, achieved by scaling down the sizes of phase shifter cells
towards the middle of the transmission line. Properly designed using the proposed
method, these phase shifters demonstrate signi cantly improved area e ciency while
maintaining the same phase shift range and insertion/return losses as conventional
TTL phase shifters. Fabricated using 65-nm CMOS technology, the eleven-cell Ta-
pered TTL phase shifter achieves commendable area e ciency, occupying 25% less
chip area than its non-tapered counterpart. Importantly, it delivers a 180-degree
phase shift over the frequency range of 16.5 to 31 GHz, while exhibiting the same
average insertion loss of around 7 dB. This advancement marks a promising develop-
ment for on-chip beamforming applications, combining enhanced area e ciency with

consistent performance across the speci ed frequency range.
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Chapter 4

Area-E cient Analog Beamformers
with Pseudo-Distributed Ampli er
Architecture

This chapter presents an area-e cient receiving analog beamformer that utilizes a
Pseudo-Distributed Ampli er architecture. The proposed beamformer integrates all
of the building blocks of a typical analog beamformer, including the LNA, phase
shifter, and power combining network, into a single circuit, thereby reducing the
overall power consumption, consumed chip area, and fabrication costs. The design
process for optimizing the beamformer gain, noise performance, and beam steering
capability is presented and supported by mathematical analysis. To demonstrate the
e ectiveness of the proposed beamforming approach, a 4-element 21-23 GHz analog
beamformer is fabricated in standard 65-nm CMOS technology and the measurement

results are reported.

4.1 Proposed Pseudo Distributed Ampli er Beam-
former

The block diagram of a typical receiving analog beamformer is shown in Fig. 4.1.
It shows that such an analog beamformer consists of at least three building blocks
for the array's element including a variable-gain LNA, a phase shifter, and a power
combining network.

Although analog beamformers consume signi cantly less power and can be im-

plemented at a lower cost compared to digital and hybrid beamformers, there is a
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Figure 4.1: A receiver with an analog RF beamformer

Figure 4.2: A N-element linear antenna array

strong demand for the development of low-cost energy-e cient analog beamformers
for deployment in portable consumer electronic devices. Here we propose a complete
analog beamformer using a DA topology combining the functionality of the LNA,

phase shifter, and the power combiner into a single circuit.

4.1.1 Design Concept

Within a line receiver antenna array incorporatingN individual antenna elements, if
the radiated plane wave is received at an angle of arrival relative to the array, as
depicted in Fig. 4.2, the resulting signals induced at the output terminals of the array

antennas will possess equal amplitudes and progressive phases. The phase shift (
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between received signals at each successive pair of elements can be calculated as

= ﬂsin( ); (4.1)
where is the wavelength of the received wave assuming uniform distancing @f
between array's elements.
Similarly, within a traditional DA, as illustrated in Fig. 4.3(a), the phase shift
between the gate voltage of two consecutive transistors corresponds to the electrical
length of the transmission line connecting their respective gates. As a result, the

drain current of each transistor can be calculated as
i = gnVe (N D - (4.2)

whereg, is the transistor's transconductance. Considering that the output transmis-
sion lines linking the drains of the transistors have an electrical length identical to
that of the gate input transmission lines, the drain currents of the transistors combine
constructively at the output port. As a consequence, the total current at the output
port, denoted byl oy, can be expressed as

X

lout = Egmivej(i Ve lND ; (4.3)
i=1

which can be reduced to

Ng.Vel(N 1)
lout = Om 2 : (4.4)

whereN is the number of transistors in DA.

If the input transmission lines of the DA are removed and the gates of the tran-
sistors are directly connected to the antenna elements of an array whose phase shift
between their received signals is, as depicted in Fig. 4.3(b) and each delay line
between transistor drains is introducing the phase shift equal to, then the resulting
structure should perform like a conventional DA combining the drain currents of the
transistors constructively (i.e. each consecutive current increases the current at the
output terminal). In the ideal case the output currents of the gain cells will be added

in phase at the output port, when the angle of arrival will produce the progressive
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Figure 4.3: (a) Conventional distributed ampli er, and (b) proposed RF analog beam-
former architecture

phase shift of between consecutive array elements in exact accordance to (4.1).

From the other side, if the delay lines are introducing the phase shifts

_2d 2

= —sin() N (4.5)

then it can be easily shown that output currents of the gain cells are combined destruc-
tively, i.e., each consecutive current is decreasing the current at the output terminal,
and, if the angle of arrival is such that (4.5) is exactly satis ed, the output current
will be zero. The above analysis shows that the proposed Pseudo-Distributed Ampli-
er (Pseudo-DA) circuit possesses the ability to amplify and constructively combine
signals from a speci c direction of arrival, while simultaneously attenuating (nulli-
fying) signals arriving from other directions. Additionally, adjusting the electrical
length of the output transmission lines linking the drains of the transistors, it is pos-
sible to steer the main beam direction. Thus, the proposed circuit operates as an
analog beamformer combining the functionality of an ampli er, a phase shifter, and a
power combiner into one circuit. The setup illustrated in Fig. 4.3(a) is typically uti-
lized as a non-radiating broadband distributed ampli er. However, it 0 ers exibility,

as either the drain line, the gate line, or both can be transformed into leaky wave
antennas (LWAs) [53]. In leaky wave antennas, the transmission lines are used as the

radiating elements. Several techniques are used to make the transmission line with
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a low Q-factor to allow for radiation [54]. However, in our proposed beamformer the
drain transmission line is used as a series-fed combining network and consequently,
it must be designed in such a way to reduce the leakage of electromagnetic energy.
The main challenge in the on-chip implementation of the suggested beamformer is
the proper realization of the required tunable output transmission line. This task

is particularly critical due to the imperative of achieving optimal area e ciency to
minimize fabrication costs and minimize losses to enhance energy e ciency. In order
to address this challenge comprehensively, the subsequent section will undertake a
comprehensive survey of a systematic approach dedicated to designing such a tunable

transmission line.

4.2 Lumped Element Design of On-Chip Trans-
mission Lines with Tunable Electrical Length

In the previous chapter, we discussed the design of Tunable-ATL cells based on the
transmission line model. In this chapter, we o er an alternative methodology for
the design of Tunable-ATL cells based on a lumped element model of the cells, as

discussed below.

4.2.1 Analysis of an ATL Cell

In the previous chapter, we showed that an ATL cell may be described by itABCD ]

matrix as [44]

2 3 2 3
B 1 LC!? jL!

C D 2iC!  jLC23 1 LC!?2

D
ol
1

IS

S: (4.6)

The determinant of the cell's ABCD ]| matrix can be calculated as
= AD BC (4.7)

which is equal to one as this two-port network is reciprocal. Knowing that the input
impedance EZi,) of a transmission line loaded with an impedance equal to its char-

acteristic impedance Z.) results in the input impedance being equal t&Z., one can

75



write

Vi AV, Bl, AZ.+B _

“n= 1 78V, DI, Cz+D (4.8)
ConsideringA = D, one nds from (4.6) and (4.8) that
r _ S
B L
Ze= T C2 !2C) (4.9)

The characteristic transmission , which is also de ned at the condition of charac-

teristic loading, relates the output and input voltages of an ATL cell as
V, = Ve (410)

By referencing the ABCD ] matrix de nition, which dictates that V; = AV, Bl g,

one can verify that

Vi B _ P—r
VZ_A+Z_C_A+ BC =-¢e (4.112)
which gives
P_— p P
e =A+ BC=(1 !“LC)+j! LC(2 !'2LC): (4.12)

Recalling that A = D and using (4.7), one can write
) P_— P_—
= A BC=(A+ BC)A BC)=1=¢ee (4.13)
which results in
e =A BC: (4.14)
From (4.11) and (4.14) one can nd

+
A=S 2e = cosh (4.15)

and

Pec=® 2e = sinh : (4.16)

Finally, it can be concluded from (4.9) and (4.16) that

B = Z.sinh (4.17)
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and
C=2Z,'sinh: (4.18)

Hence, the ATL cellsABCD matrix can be rewritten as
2 3 2 3

4A B5:4 cosh Z .sinh

S (4.19)
C D Z.'sinh  cosh

The ABCD matrix, which is derived in (4.19), is equivalent to theABCD matrix of
a transmission line whose characteristic impedance and propagation constant is equal
to Z. and , respectively.
Using (4.12), it can be easily veri ed that the magnitude of thev;=\, ratio, je j,
is equal to one. Consequently, (4.11) can be rewritten as

—=@1 '-°L I LC(2 !'°L
v, C)+i C( C) (4.20)

=cos +jsin =¢€ :

In other words, one can write
Vo= Vel : (4.21)

where is equal to

= arcsin (! P LC(2 !°2LC)): (4.22)

In an ATL cell, substituting capacitors with varactors enables modi cation of the
cell's electrical length, as depicted in (4.22). Nevertheless, the alteration of the
varactors' capacitance, as indicated in (4.9), concurrently a ects the characteristic
impedance of the cell. Consequently, adjusting the capacitance of the varactors not
only tunes the electrical length of the cell but also induces mismatch loss.

Upon closer examination of equation (4.22), it becomes apparent that the relation-
ship between frequency and the electrical length of the cell is non-linear, suggesting
that the transmission line model of the cell exhibits dispersive behavior. However, in
the context of circuit design, non-dispersive transmission lines are preferred due to
their associated bene ts, such as preserving signal integrity, facilitating wide band-

width, and simplifying system design[29].
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Assuming that
12LC << 2; (4.23)

then (4.22) is reduced to

= arcsin (! P LC(2 !'2LC)) arcsin( IOﬁ): (4.24)

Using the approximation ofx  sin(x), for small x, (4.24) can be further simpli ed

to
[o
1 2LC (4.25)

which implies that, as long as the condition in (4.23) is held, the proposed Tunable-
ATL cell is non-dispersive.

In typical semiconductor CMOS fabrication techniques, the ratio of the maximum
to the minimum capacitance of a varactor remains constant regardless of its size [17].
As a result, one may express the ratio of the maximum to the minimum capacitance

of a varactor as

Cmax
fe= X 4.26
¢ C:min ( )
and determine that the varactor's capacitance can be varied according to
C _
P C PtCo: (4.27)
C

where Cy represents the capacitance at mid-range and is de ned as
p__
Co= Cmax Cmin : (4.28)
Hence, the Tunable-ATL cell's maximum attainable phase shift ( ynax) can be de-
termined as
P—p__ 1
max — max mn = ! 2LCo[*T¢ ﬂ?]: (4.29)
Cc

If the electrical length of the cell is de ned as the mid-range electrical length,,
when the varactors' capacitance is equal t&,, then (4.29) can be expressed in a

di erent form as

1
max = ol ‘fc P=I (4.30)



Assuming the condition stated in (4.23), the equation presented in (4.9) can be sim-

pli ed to

r
L

Z.= —_—
¢ 2C

(4.31)

Consequently, if the Tunable-ATL cell is adjusted to match the impedanc&, of
the ports when the varactors are at their mid-range capacitance valug,, the cell's

characteristic impedance will vary within the range speci ed by as

@ZTO—C Z. Zo"Te (4.32)
Thus, when the Tunable-ATL cell is matched to the port's impedance at its mid-range
varactors' capacitance value, the maximum deviation fronZ, and, correspondingly,
the mismatch loss, is minimized and is the same for both minimum and maximum var-
actors' capacitance values. Based on the preceding discussion, the design procedure
for a Tunable-ATL cell can be summarized as follows: Initially, the desired maximum
frequency shift ax and the targeted semiconductor technology must be speci ed
as inputs. It is worth noting that sincer. is a parameter that varies with the semi-
conductor technology, choosing the semiconductor technology would automatically
determine the value ofr..

In the subsequent stage, equation (4.30) can be utilized to extract the mid-range
electrical length o of the Tunable-ATL cell. As discussed earlier, the calculated
value of o for a desired ax, Often does not conform to the small electrical length
approximation. Hence, instead of employing a Tunable-ATL cell with a largeg, a
cascade ofN cells having a smaller § can be utilized. Therefore, determining the
number N of required cascaded cells and their maximum electrical length is the
next step. To satisfy the condition of the small electrical length approximation, it is
adequate to ensure that the maximum electrical length{ of the cascaded cells is less
than or equal to 45. In practical designs, employing a smaller number of cascaded
Tunable-ATL cells results in a more compact design and reduced insertion loss [36].

Hence, the smallest value of

5= 5 g 47 (4.33)
Ncel|[4r_c ﬁ?]
c
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would be an appropriate choice for the required number of cascaded cells. In the
nal step of the design process, knowing that the mid-range electrical length of the

cascaded cells is

0o_ 0.
0 NceII ( )
L and C, can be calculated by
OZO
L = f-l’ (4.35)
and
0
Co= ; 4.36
0= szr (4.36)
respectively.

4.3 Design of a 4-Element K Band Analog Beam-
former with a Pseudo-DA Architecture

To verify the e cacy of the proposed approach, this section presents the complete
design procedure of a 4-elemekt band beamformer with a Pseudo-DA architecture.
The designed Pseudo-DA beamformer is then fabricated using a standard 65-nm
CMOS technology. The procedure begins by illustrating the design of the Tunable-
ATL cell, which is a critical component of the Pseudo-DA architecture and, subse-
guently, by discussing the design of the transconductance gain cell and input matching
network. The simulation results of the overall performance of the beamformer are
then presented. Finally, the measurement results of the fabricated beamformer are

analyzed in the subsequent section.

4.3.1 Design of Tunable Output Transmission Line

It is desired that the proposedK band beamformer provides the ability to steer the
through at least 100 degrees ( max = 100°). Knowing that in the target semicon-
ductor technology (standard 65-nm CMOS)r. is equal to 35, one can use (4.30) to

calculate

0= AL p_lOO) = 157° (4.37)
*35

O
—
o
N

| |l
i

_ﬂ
o

w
o1

2
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which is obviously far away from the small electrical length approximation. As a
consequence, using (4.33), the minimum number of required cascaded cells can be

calculated as

ChoosingNce = 4, the Tunable-ATL cell's mid-range electrical length ( 9) is equal

to

157
4

S = 39:25"; (4.39)
Consequently, the Tunable-ATL cell's inductancel() and mid-range capacitance)
values can be calculated by using (4.35) and (4.36), which are equal to 247 pH and
495 fF, respectively.

In the next step, the cell is implemented and simulated in the circuit simulator that
supports the CAD model of the target semiconductor technology. The S-parameters
simulation results show that by choosing the values df and Cy, as shown in the
table of Fig. 4.4(a), each Tunable-ATL cell can achieve a tuning range of over 35
degrees of electrical length across the entire bandwidth while still maintaining ac-
ceptable matching performance. This suggests that cascading only three such cells
can provide the desired beam steering capability. The simulation results of the elec-
trical length, insertion/return losses, and the characteristic impedance of the three
cascaded Tunable-ATL cells for various bias conditions, are presented in Fig. 4.4(b)
to Fig. 4.4(d), respectively. As can be seen, at 22 GHz the electrical length of the
cascaded cells changes from 210 to 320 degree with the control voltage varying from
0:7 to 1.7V, while the characteristic impedance remains within the acceptable range
of 38 to 53 and the input and output return losses remain below 13 dB over 20
to 24 GHz band.

4.3.2 Design of Transconductance Gain Cells and Input Match-
ing Circuit

In a DA, the transconductance gain cells amplify the input signals and transform them

into currents that are added constructively at the output of the drain transmission
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Figure 4.4: (a) Schematic, (b) electrical length, (c) Insertion and Return loss, and
(d) characteristic impedance of simulated Tunable-ATL.

line. If single transistors with transconductance of},, are used as gain cells, then the

voltage gain of anN -element beamformer can be calculated as

. . VMout. _lout Zo _ NgmZo.
JAVmaxJ_J V J_ V - 2 ’

(4.40)

wherel oyt Is obtained from (4.4), assuming that the drain transmission line is ter-
minated in its own characteristic impedance4,) and all currents are added in phase.
With the typical characteristic impedance o) of 50 (a relatively modest value),
both N and g,, must be increased to realize the intended gain for the beamformer.
However, given that the value ofN is usually prede ned regarding the other beam-

former parameters, like beamwidth and the positioning of nulls within the array
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Figure 4.5: The designed transconductance gain cell for the propog€dand beam-
former

pattern, it can not be used to serve as an adjustable parameter for gain manipula-
tion. In the short-channel MOSFET transistors (including the selected 65-nm CMOS
technology) transconductanced,) can not be increased by increasing the drain cur-
rent unless excessive DC power consumed due to their nonlinear relationship [17].
Therefore, in order to increase the gain of the beamformer, the dimensions of the
transistors must be enlarged. However, this enlargement results in increased para-
sitic capacitances of the transistors, consequently leading to a notable deterioration in
high-frequency performance. Furthermore, in the short-channel transistors, the out-
put resistance ¢,) is also decreased [17]. Accordingly, where the transconductance
gain cell is realized using a single transistor, this low output resistance can e ectively
divert a substantial fraction of the drain currents, thereby reducing the gain of the
beamformer system.

To address the limitations outlined earlier for the single-stage transconductance
gain cell, we have developed a two-stage cascode transconductance gain cell for our
K -band beamformer, as depicted in Fig. 4.5. The rst stage uses a Common Gate
(CG) topology to facilitate input matching, while the cascode con guration in the
second stage results in an output resistanagy; Of ros(1 + gmaloz), Which greatly
surpasses the loading impedance of the gain cl=2. This enables the gain cell to
behave as an ideal current source and prevents the output power dissipation in the

gain cell's output resistance. Furthermore, assuming that the biasing resist®g is
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much larger than the rst stage output resistancerg, we can calculate the equivalent

transconductance gain G,,) of the proposed gain cell as:

|
Gy = 2t = Om1Gmalg = Om1Gmalo2(1 + Gmalor): (4.41)
S

Using the cascode con guration provides another important advantage. This type
of ampli er con guration signi cantly reduces the reverse gain and makes the ampli-
er stages, to some extent, unilateral and as a consequence, ensures the gain cells'
stability. However, for the designed gain cell, the stability was veri ed by stability
simulations which con rmed that both stability factors of and ° are greater than
one over the frequency range between 1 to 40 GHz. These are necessary and su cient
conditions for the stability of the gain cells [55].

It is worth noting that the calculation provided for G, andr,; of the proposed gain
cell does not take into account the e ect of parasitic capacitors, which is often signif-
icant in applications involving high frequencies, like the K-band beamformer we are
discussing. The presence of these parasitic capacitors can considerably constrain the
bandwidth of the gain cell. To address this challenge, a commonly adopted approach
involves inserting inductors between the transistors, as illustrated in Fig. 4.6(a). This
method entails the creation ol.C -ladder Iters that e ectively mitigate the e ects of
parasitic capacitance while also isolating the loading e ects of each stage from those
preceding and following it [56].

Given the common-gate con guration of the input stage, the input impedance of
the gain cell can be expressed as(fn: + Css1j! ), where Cqg; represents the sum
of all parasitic capacitances linked to the source d¥1,. The incorporation of Ly
and Cy into the gain cell's input, as depicted in Fig. 4.6(a), serves a dual purpose.
This arrangement not only creates a ladder network that e ectively eliminates the
parasitic e ects of Cg; but also provides the exibility to opt for a larger gn1 value,
rather than sticking to 1=g,; = 50. This choice helps us achieve both higher gain
and enhanced input-matching performance. It is important to notice that.,; has
the role of a Radio Frequency Choke (RFC) and, consequently, its variation does not
a ect the performance of the gain cell.

Taking the above approach and using the proposed transconductance gain cell con-
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Figure 4.6: (a) The implemented transconductance gain cell of th€ -band beam-
former and (b) its simulated gain and return loss

guration, we modeled the gain cell in the CAD tool that supports the component

model of the selected semiconductor technology. Multiple simulations and optimiza-
tions were conducted within the CAD tool to enhance the gain cell's performance
with respect to G,,, Return Loss (RL), frequency response, and power consumption.
The nal optimized values of the components of the transconductance gain cell and
its S-parameters simulation results are presented in Fig. 4.6(a) and Fig. 4.6(b), re-
spectively. The simulation results show a maximum gain of 20 dB at 23 GHz while
the gain cell'sS;; remains below 15 dB over 18 to 26 GHz. The maximum gain is

intentionally decided to be tuned at higher frequencies to compensate for the high-

frequency loss of the ATL cells.
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Figure 4.7: Relative phase responses of gain cells at {&), = 1.7 V and (b) Vi =
0.7V

Assuming that the phase of the rst gain cell (from its input to the beamformer's
output) is the reference phase, then the relative phase of the gain cells is plotted for
the lower and the upper range of the varactors' control voltage as shown in Fig. 4.7.
When the control voltage (/) is equal to 1.7V, the varactor's capacitance is less
dispersive than for other control voltages. In this case, the distances between charac-
teristics are nearly equal, and they are nearly horizontal (see Fig. 4.7(a)). It means
that the input signals of the gain cells will arrive at the output with the phases
that provide their summation (ideal constructive addition at the output). When the
control voltage is equal to 0.7V, the situation is di erent (see Fig. 4.7(b)), and yet
the signals are added in such a way that the output current is still increasing with
each signal. With the lower control voltage, the varactors are forward-biased. In
this condition, the capacitance of the varactors is at its highest value, but they are
more dispersive. Therefore, contrary to the condition when the larger control voltage
is applied, the relative phase di erence between the gain cells varies with frequency
causing eventually, as shown in the next section, a slight reduction in the peak of the

array pattern.

4.3.3 Beamforming Simulation Results

The proposed 4-elemeri -band beamformer is constructed by connecting four match-
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ed transconductance gain cells with a cascade of tunable transmission lines, as de-
picted in Fig. 4.8. As can be seen, to facilitate tuning of the varactors in the Tunable-
ATL cells, the gate terminals of all varactors are connected to the control voltage
(Metn ) thorough a Radio Frequency Choke (RFC) which is connected at the one end
of the output transmission line. Considering that in the selected 65-nm CMOS tech-
nology, the varactors can achieve their maximum tuning range by varying the bias
voltage within the range of 0:5 to +0:5V, while the transistor's bias voltage Vgq)

is set to 12V, the requiredV, should be within the range of

o7V Ve L7V (4.42)

To simulate the behavior of a plane wave incident from a speci ed angle of arrival,
four synchronized signals with equal amplitudes and progressive phases are applied
to the inputs of the gain cells. The phase of the input signals is determined Iy ,
where represents the angle of arrival according to Equation (1), ankl varies from
zero to three. By sweeping the value of and recording the magnitude of the output
voltage for a givenVy,, the beamforming and beam steering performance can be
evaluated. The beamforming performance at frequencies of 21, 22, and 23 GHz is
shown in Fig. 4.9(a) to Fig. 4.9(c), respectively. As can be seen, the values of the
ATL cells' components are optimized in such a way that provide at least 110 degrees
of phase shift at the lower edge of the frequency band (21 GHz). In addition, the
simulation results show that the maximum array gain of 20, 21, and 23 dB is achieved
at 21, 22, and 23 GHz, respectively, while the variation in the array gain is limited
to 2:5 dB over the entire phase shift range.

In the layout design of the Tunable-ATL cells, each inductor is surrounded by a
grounded seal ring to minimize mutual coupling between the inductors of adjacent
cells. However, to achieve a compact layout for the beamformer, the mutual coupling,
particularly among closely located cells, remains signi cant. Therefore, to account
for this mutual coupling e ect, a comprehensive electromagnetic (EM) simulation is
conducted. Fig. 4.10 presents the EM simulation results, indicating a decrease of 2 to
4 dB in the beamformer's array gain at lower control voltage levels. This reduction

can be attributed to the mutual coupling, which e ectively increases the inductance
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Figure 4.8: Simulation setup for the designe# -band beamformer
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