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Abstract 

We investigate problems of thermal noise and quadrature signal generation occurring in the 

design of front-ends of RF CMOS receivers. The performance metrics of quadrature signal 

oscillators include power consumption, phase noise, and quadrature accuracy. Optimization 

of quadrature oscillator performance entails a study of CMOS RF noise models and the 

mechanisms responsible for oscillator phase noise and quadrature accuracy. A major 

obstacle in CMOS RF IC design is lack of adequate thermal noise models, as existing 

theories of RF noise in MOS transistors are based on long channel device models. The first 

goal of our study is an investigation of the noise properties of submicron MOS transistors. 

The second goal is to provide circuit designers with an understanding of the mechanisms 

responsible for accurate quadrature signal generation in CMOS LC and RC oscillators. 

The first part of the thesis deals with high frequency channel noise measurements and 

describes designs that were manufactured and measured in the course of thesis 

development. Several channel thermal noise models suitable for MOSFET devices 

operating at high frequencies are evaluated. A comparison between extracted and 

calculated noise data indicates that a recently published simple model of short channel 

devices operating at RF frequencies provides the best match between extracted and 

calculated results for channel thermal noise over a frequency range of 3 GHz to 6 GHz and 

a gate overdrive voltage range of 0.2 V to 1.2 V. 



In the second part of the thesis several different implementations of quadrature oscillators 

are reviewed; also, the design of CMOS RC oscillators is presented. RC oscillators are 

known to exhibit high phase noise compared to LC oscillators. However, we demonstrate 

that by increasing coupling in RC oscillators, one can obtain a quadrature oscillator with 

noise performance and quadrature error comparable to that of an LC coupled oscillator. 

Measurements were performed on 5 GHz LC and RC quadrature oscillators built in 0.18 

urn technology. With increased coupling strength, RC oscillators showed phase noise and 

quadrature error performance similar to that of LC oscillators. 
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Chapter 1 

Introduction 

1.1 Overview 

According to Abidi [1], the history of radio frequency (RF) electronics can be divided into 

two main epochs. The first epoch started with vacuum tubes and lasted from the late 19th 

century to the 1950s. The worldwide market for receivers for broadcast radio and television 

drove the demand for RF electronics during this era. In addition, RF and microwave 

equipment played a major role in military communication during World War II. The first 

epoch was followed by a period of relative decline when the focus of research communities 

and the microelectronic industry shifted to microprocessors and digital electronics. During 

this period, RF electronics was considered a disappearing black art. However, raiding by 

current researchers and engineers on RF circuit topologies produced during this epoch has 

partially enabled the excellent performance seen in today's RF products, even compared to 

the limits of modern microelectronic technologies [2]. 

Research in the area of radio frequency integrated circuits (RF ICs) was reborn in the late 

1980s. Advances in silicon radio frequency bipolar technology enabled the first RF 

integrated circuit to be constructed at the end of the 1980s [3]. Prior to the appearance of 

RF ICs, radios were built using printed circuit boards (PCBs) and discrete components. 

The renewed interest in RF ICs was also motivated by the desire of the worldwide 

communication industry to spread the use of mobile digital phones [4]. The successful 
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fabrication of RF ICs led to size reduction of digital radios and reduced power 

consumption, which allowed the increase in stand by and talk times of mobile phones to 

reach acceptable values. In addition to cellular phones, RF ICs were later used in other 

"low-gigahertz band applications" such as global positioning systems (GPS), wireless local 

area networks (WLAN), etc. These highly integrated radio products represented an 

important new niche for IC manufacturers. Nowadays, the explosive growth in mobile 

communication and the constant need for more efficient spectral use on the part of service 

providers has led to the appearance of several generations of mobile communication 

systems. Each new generation of mobile systems supports higher data rates and operates at 

higher frequency bands, while the hardware backbone is operated at lower power and 

wireless products are offered to consumers at reduced cost. New developments in the RF 

section of a transceiver are constantly needed in order to meet the stringent requirements of 

the new generation of mobile systems. Several factors contribute to the progressive 

development of modern wireless transceivers. Innovations in semiconductor device 

technologies directly affect the cost and performance requirements of modern high-speed 

transceivers. Other factors are the ability of RF circuit designers to exploit the benefits of a 

new process and avoid the process limitations, and the ability to design new transceiver 

architectures aimed at reducing cost and improving performance. This chapter will 

highlight these factors. First, the benefits and limitations of CMOS technology for RF IC 

design will be discussed, then modern RF transceiver architectures will be reviewed. Major 

future trends for the design of RF transceivers will be identified and typical specifications 

for RF transceivers will be presented. 
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1.2 Thesis organization 

The thesis is organized in 6 chapters. Chapter 1 provides an introduction and an overview 

of the building blocks of RF transceivers. The architectures of conventional and modern 

RF front-ends are reviewed. Future trends in transceiver architecture are presented. RF 

front-end specifications that are related to the current research work are the focus of 

Chapter 1. 

Chapter 2 presents a small-signal model and a noise model used to characterize 

MOSFETs operating at RF frequencies. State-of-art research topics in MOSFET noise 

modeling at RF frequencies are addressed. Finally, the components of a tuner based noise 

parameters measurement set-up are presented. 

The steps needed to extract a small-signal MOSFET RF model are explained in 

Chapter 3. The extraction methodology is applied to MOSFETs with various widths. 

Comparing the modeled and measured S-parameters validates the extracted small signal 

model. Steps to extract MOSFET drain current noise are reviewed. A comparison is done 

between theoretical predictions of several drain current noise models and the measurement 

results. 

In Chapter 4 the main contributions to phase noise theories developed for discrete 

and integrated devices are presented. LC oscillators are studied in terms of operating 

frequency, amplitude of oscillations, and phase noise. 

In Chapter 5, a structured, approach is used to study quadrature signal generation in 

LC and RC oscillators. First, quadrature LC and RC oscillators are studied using ideal 
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blocks, then the analysis proceeds to circuit level quadrature generation. A synchronization 

theory for LC oscillators is developed. Simulation and measurement results are used to 

perform a comparative study of the effects of coupling on RC and LC oscillators. 

Chapter 6 summarizes the contribution of the thesis and suggests future research 

topics. 

1.3 The role of CMOS technology in modern R F circuit design 

The use of a given semiconductor device technology for the fabrication of RF ICs evolved 

with time. The chosen semiconductor device technology will depend greatly on the 

tradeoff between manufacturing cost and RF circuit specifications [5], [6]. Several 

competing semiconductor device technologies serve as backbones in the making of RF 

transceivers in current wireless systems. These technologies range from silicon based to 

compound based devices. Silicon RF CMOS, BiCMOS, silicon germanium (SiGe), 

heterojunction bipolar transistors (HBTs), and laterally double-diffused metal-oxide 

semiconductors (LDMOSs) are contending candidates for the RF transceiver blocks from 

the silicon world. In a III-V compound semiconductor, GaAs-based metal semiconductor 

field-effect transistors (MESFET's), heterostructure field-effect transistors (HFET's), 

pseudomorphic high electron mobility transistors (p-HEMT's), and HBTs are commonly 

discussed technologies for RF circuits. New emerging technologies such as InP based 

HBTs and p-HEMTs, GaN HFETs, and RF MEMS also show great potential for RF 

transceiver applications. No single semiconductor technology offers a total solution to 

integrated RF transceiver building blocks. Different semiconductor device technologies 
4 



find their own niche applications in certain circuit components but, so far, no device 

technology provides a universal solution to all circuit blocks in transceiver building 

modules [5]. 

Research in CMOS technology for RF IC applications was motivated by the need to 

integrate the analogue front-end with the digital base band sections. CMOS technology has 

shown many impressive improvements as a technology of choice for RF applications over 

the past decade. For example, the scaling of CMOS has increased cutoff frequency (/J) 

from 8 GHz at a gate size of 500 nm to greater than 60 GHz at a gate size of 180 nm [5]. 

Also, CMOS is the technology of choice for low power low voltage circuit design. 

However, continuous device scaling directly affected CMOS performance as an RF IC 

technology. While the higher^ is a benefit, lowering the supply voltage poses a serious 

problem [1]. First, scaling CMOS devices to lower supply voltages impairs the ability of 

the RF device to handle signals with a large dynamic range [1]. Another drawback of 

CMOS scaling is that leakage currents through the source and drain junctions are 

unavoidable. These drawbacks prohibit CMOS from becoming the technology of choice 

for wireless front-end circuits for medium to high power (more than 1-W) applications [5]. 

For these applications, the LDMOS that is compatible with a standard BiCMOS process 

becomes a more suitable choice. In conclusion, aside from the viewpoint of device 

technology development, the future of RF CMOS technology will be highly dependent on 

research and fabrication costs compared to SiGe and III-V technologies that provide 

superior RF devices and might provide competitive cost structures. 
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1.4 RF circuit design for modern RF transceivers 

An RF transceiver consists of a transmitter and a receiver in a wireless system. Data and 

voice messages are exchanged through free space [7]. Modern RF receivers are typically 

composed of two sections: an RF front end and a base band digital section. The RF front 

end selects an RF modulated signal, amplifies this signal, and down converts it to an 

appropriate intermediate frequency (IF). The converted IF signal can be demodulated in 

either the RF section or the base band digital section. Two fundamental receiver 

architectures are the heterodyne receiver, and the direct conversion receiver. Introducing 

minor variations to either of the two fundamental receiver architectures can produce other 

architectures like the zero IF architecture. In each of these architectures, either narrow band 

low noise amplifiers (LNA) or wideband amplifiers are used as gain stages. Mixers, 

oscillators, and phase locked loops are used for frequency translation. Integrated filters or 

bulky off chip filters can be used for RF signal selection. 

1.4.1 Superheterodyne receivers 

Figure 1 shows a block diagram of a radio receiver built using a superheterodyne 

architecture [7]. The front-end filter prevents unwanted signals from saturating the low 

noise amplifier (LNA). Filters decrease receiver sensitivity, thus filtering is often broken 

into two or more parts to provide sufficient selectivity while minimizing loss of signal. The 

main function of the low noise amplifier is to provide enough gain to overcome the noise 

generated by the following stages of the architecture; this will be discussed in section 1.5.1. 
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Low Noise Amplifier Mxer IF Amplifier 

Front End 
Filter 

Image Reject 
Filter 

LO 

Figure 1-1: Superheterodyne receiver. 

The local oscillator (LO) and the mixer convert the RF signal to an intermediate frequency 

(IF) signal. The output of the mixer is applied to an IF amplifier and filter to obtain a 

suitable signal for processing by the analog-to-digital (A/D) converter and the demodulator 

circuits. Advantages offered by the superheterodyne architecture are high selectivity, high 

linearity, and the possibility to avoid I/Q mismatch [7], [8]. However, requirements of 

modern receivers highlight several disadvantages in this architecture. One disadvantage is 

the tradeoff between selectivity and sensitivity caused by the choice of IF frequency 

(frequency planning). The selection of a high IF frequency leads to high rejection of image 

frequency (selectivity), but requires a highly selective image-rejects filter causing gain 

losses in the signal band (sensitivity). Another disadvantage of this stage is its vulnerability 

to spurious signals such as interference at the half IF frequency [7]. Modern wireless 

receivers are required to operate with a minimum amount of power consumption. The high 

number of components involved in superheterodyne architecture makes it difficult to meet 

this requirement. Another drawback of this architecture is the need for a highly selective 
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off chip surface acoustic wave (SAW) filter. The presence of fixed bandwidth SAW filters 

disqualify this architecture from use in multimode, multistandard transceivers. 

1.4.2 Direct conversion receivers 

Mixer 

L0 2 

Figure 1-2: Direct conversion receiver. 

In direct conversion receivers, the incoming RF signal is directly down converted to zero 

IF frequency by an oscillator whose frequency is equal to the RF signal. A block diagram 

of this receiver is shown in Figure 1-2. A single low pass filter filters the converted signal. 

As the two sidebands of the RF incoming signal contain different phase information, down 

conversion must provide quadrature outputs in order to avoid loss of information [7]. The 

direct conversion architecture offers several advantages. First, off chip SAW filters are 

eliminated and second, power consumption is reduced in this architecture due to the 

reduction in number of frequency translation components. 
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Despite the fact that the direct conversion architecture allows for higher levels of 

integration, it suffers from several drawbacks. The LO signal can leak to the antenna 

through the finite substrate resistance and the reverse isolation of the elements that precede 

the antenna. The leaked signal can interfere with other RF receivers operating over the 

same band. Also, the reflected signal can be mixed with an incoming RF signal and down 

converted to base band, corrupting the RF signal (self-mixing). As the IF signal is at zero 

frequency; offset voltages can corrupt the desired signal and saturate the receiver. DC 

offsets can be caused by self-mixing of flicker noise. Offset cancellation techniques can be 

used in direct conversion receivers to alleviate the DC offset problem. 

1.4.3 Future trends in radio transceiver architectures 

Current radio chips are built by integrating the RF section and the digital section on the 

same die. This integration faces several challenges. Process variations in CMOS 

technology pose serious limitations to RF IC fabrication. Two solutions have been 

proposed: radios with auto calibration and control using digital signal processing (DSP) 

techniques and software defined radios. While, the former solution suggests using DSP 

techniques to overcome the performance limitations of various radio blocks, the later 

solution suggests pushing the A/D as close as possible to the receiving antenna. 

1.4.3.1 Radios with auto calibration and control 

For integrated transceivers, spurious signals and noise generated by the digital section 

degrade the performance of RF blocks. A solution is needed to enable integrated radios to 

function in harsh environments and to be less sensitive to process and temperature 
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variations. Built-in auto calibration has been suggested as a solution in [10] to ensure the 

high performance and robustness of integrated radios. The radios and their integrated 

blocks are built with adequate calibration and programming capabilities to allow them to 

adjust for optimum performance. For example, the bandwidth and center frequency of a 

filter can be calibrated by adjusting the filter time constant. Measuring the in phase (I) and 

quadrature (Q) channel imbalance and adjusting the phase and amplitude on the I/Q signal 

can improve the image rejection. A radio with built-in auto calibration and programming 

capabilities is shown in Figure 1-3. A tiny sensor such as an analog-to-digital converter 

monitors each of the blocks in Figure 1-3. Each block performance can be measured and 

evaluated through an algorithm, then tuned to achieve the best performance of the block. 

RF-

RF 

Automatic 
Calibration Control and Data Interface 

« 0 

LO 
Generation 

O R 

PLL 

« o 

-» Control 

1/Q 

I/Q 

Figure 1-3: Block diagram of a general radio with built-in auto calibration and 

programmability to ensure high performance [10]. 
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1.4.3.2 Software defined radios 

The term software-defined radio (SDR) is usually used to refer to a radio transceiver in 

which key parameters are defined in software and in which the fundamental aspects of the 

radio operation can be reconfigured by upgrading that software [11]. Software defined 

radios are an enabling technology in areas such as military communications and civilian 

mobile communications. In military communications, an adaptable radio, which can 

change its scrambling codes, modulation format, and data rate on an ad hoc basis, can be 

adapted to harsh operational requirements. In civilian mobile communications, the cost of 

evolving a complete network to a new standard, by means of hardware replacement, is 

enormous. If the network infrastructure hardware is designed on software defined radio 

principles, the cost can be greatly reduced [11]. 

1.5 Typical specifications of RF front end building blocks 

An accurate design at the system level is needed in order to meet the requirements of 

modern wireless systems. The main technical design requirements of radio receivers 

include frequency plan, sensitivity, and selectivity. A spreadsheet is usually used to model 

the cumulative gain, noise figure, and third-order intercept point in order to achieve 

optimum receiver performance. The individual specifications of each receiver block can 

then be deduced. 
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1.5.1 Noise figure 

One parameter used to measure system noise performance is the noise factor F, the ratio of 

the signal-to-noise power ratio (SNR)in at the input of the system to the signal-to-noise 

power ratio (SNR)0Ul at the output of the system, namely: 

F_(SNR)^ ( 1 1 ) 

(SNR)out ' 

The noise factor is a measure of the degradation in signal-to-noise ratio that a system 

introduces. The larger the degradation, the larger the noise factor [8]. When n matched 

blocks are cascaded, the total noise factor is given by the Friis formula: 

E L G> 
Cascaded 1 ~̂, •** -_—rn~\ 

where G, is the available power gain of each block. As seen from the Friis formula, the first 

stage in a cascade is the most critical in noise performance since the noise contributed by 

each stage decreases as the gain preceding the stage increases. The noise factor expressed 

in decibels (dB) is called noise figure. 

1.5.2 Sensitivity 

Sensitivity is an important design parameter of an RF receiver. The sensitivity of an RF 

receiver is defined as the minimum required signal-to-noise ratio at the input of the 

receiver to get a sufficient signal-to-noise ratio at the receiver output. The receiver 

sensitivity can be given by [7]: 

S(dBm) = N + CNR + NF, (1.3) 
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where S is the receiver sensitivity in dBm, N is the RF receiver noise floor, NF is the 

cascaded noise figure, and CNR is the required carrier-to-noise ratio at the receiver output 

to meet a minimum bit error rate (BER) requirement of a certain communication standard. 

It can be seen from equation (1.3) that lowering the noise figure of an RF receiver directly 

improves the sensitivity of a receiver and hence its ability to detect weaker signals. Since 

the LNA is the first block in a superheterodyne receiver, reducing the LNA noise factor is 

crucial for increasing RF receiver sensitivity. 

1.5.3 Radio frequency receiver dynamic range 

The power of the signals intercepted by a radio receiver varies over a wide range. The 

radio signal power is low when the receiver is far from the source of the received signals; 

the signal power increases when the receiver is close to the transmitter. The medium 

located between the receiver and the transmitter also affects the received signal strength. 

The term dynamic range defines a receiver's ability to accommodate signals with various 

power levels. The lower bound of the dynamic range is the receiver sensitivity as described 

in section 1.5.1. The upper bound is defined by the receiver linearity described in the 

following section. 

1.5.3.1 Linearity 

All real-life linear systems exhibit some degree of nonlinearity. The input-output 

characteristics can be modeled by the Taylor series expansion [7]: 

oo 

vo=a0+a1vi+a2vf+... = ^anv^, (1.4) 
«=o 
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where 

The input and output of the system are represented by v,- and v0 respectively. The 

coefficients an are assumed to be frequency independent. The output DC offset level is 

represented by a#. The first order term, i.e. the amplified signal, is aivt. The term a2vf is the 

second-order (square-law) term, which contributes to the distortion as well as to other high 

order terms. Many linearity related problems can be analyzed by substituting v, in equation 

(1.4) with: 

v; = Al cos a^t + A2 cos(02t. (1-6) 

The result will have terms at the fundamental input frequencies CO] and (02 as well as at 

harmonics of the fundamental frequencies. Of particular interest are the third-order 

products at the harmonic frequencies 2a>i-6)2 and 2a>2-(Oi, illustrated in Figure 1-4 [8]. 

2 a > j - <a2 2co2— co 

Figure 1-4: Intermodulation in a nonlinear system. 

The importance of third-order products stems from the fact that if the difference between 

frequencies OJJ and a>2 is small, the components at frequencies 2o)i-a>2 and 2a>2-coi appear 

in the vicinity of coi and CO2. The corruption of signals due to third-order products is 
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characterized by a performance metric called the "third-order intercept point" (IP3). IP3 is 

found by applying the two signals given by equation (1.6) to the input of a non linear 

system. As the amplitude of the two sinusoidal tones at coi and a>2 is increased, the third-

order intermodulation (IMD) product will increase. IP3 is the point at which the amplitude 

of the third-order IMD would become equal to that of the fundamental. The input level at 

which this equality occurs is called the input third-order intercept point (IIP3) as illustrated 

in Figure 1-5. 

Output power 

OIP, 

Desired output 

Third order term 

Input power 

Figure 1-5: Definition of Linearity Parameters. 

For a system including several cascaded blocks, the cascaded IIP 3 can be given by [9]: 

IIP! 

1 l 

cascaded IIP3. IIP32 UPX 
(1.7) 

'G, /G, . .G„- , 

where IIP3„ is the input intercept point of each stage and G„ is the gain of each stage 

respectively. The IMD products generated by a third-order nonlinearity can be given by: 

lAdD = 3*Pin-2*IIP3, 
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where Pj„ is the magnitude of the input signal and IIP 3 is the third-order intercept point. 

The upper end of the dynamic range is the two tone signal level at which the IMD 

distortion product rises to the noise floor level and the lower end of the dynamic range is 

defined by the receiver sensitivity. Such a definition of the dynamic range is called the 

"spurious free dynamic range" (SFDR). The spurious free dynamic range represents the 

maximum level of interference that a receiver can tolerate while producing an acceptable 

signal quality from a small input level signal [7]. From equation (1.7) it can be seen that in 

order to increase the radio receiver linearity, higher gain stages should be the last stages in 

a cascade. To reduce receiver noise figure, higher gain stages should be placed at the 

beginning of the cascade. The distribution of gain over receiver stages directly affects the 

receiver dynamic range. In this thesis, the focus is on increasing a radio frequency dynamic 

range by lowering the receiver noise floor. 

1.5.4 Oscillator phase noise 

In an ideal oscillator, the frequency spectrum assumes the shape of an impulse; for an 

actual oscillator, the spectrum skirts around the carrier frequency. In specifying phase 

noise, the value of the noise power in a 1 Hz bandwidth at an offset frequency Af from the 

carrier is measured. The phase noise is given by the normalized value of this measured 

noise power relative to the carrier power. 
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Figure 1-6: (a) Down conversion by an ideal oscillator; (b) Effect of phase noise on the 

down converted signal [12]. 

The effect of phase noise on RF receiver performance is shown in Figure 1-6 [12]. In an 

ideal oscillator, the signal of interest is mixed with an impulse representing the local 

oscillator and thus translated to a lower frequency with no change in shape. In reality, an 

interferer may accompany the desired signal and the local oscillator will exhibit finite 

phase noise. The down converted interferer can mask the desired down converted signal. 

Oscillator phase noise puts limitations on channel spacing. In phase modulated. digital 

systems such as the global system for mobile communications (GSM), the phase noise of 

the synthesizer contributes to phase errors in the demodulated GSM signal constellation 

diagram. These deviations in the constellation points, which can be directly correlated to 

the LO phase noise, contribute to an increase in a system bit-error-rate (BER). Reducing 

phase noise leads to the efficient use of the frequency spectrum and to an increase in the 

user's capacity. Phase noise specifications for some of the most common modulation 

schemes are listed in Table 1-1. 
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Table 1-1: Typical Phase Noise Specifications for Digital Radio. 

Standard 

BPSK 

QPSK 

16 QAM 

Phase Noise 

-85dBc/Hz@100kHz 

-90dBc/Hz@100kHz 

-90dBc/Hz@10KHz 
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Chapter 2 

High Frequency Noise in Linear Two-Ports 

2.1 Introduction 

Deep submicron metal-oxide-semiconductor field-effect transistors (MOSFETs) are 

limited by the lack of RF noise models. Initial MOSFETs' noise models were developed 

for long channel MOSFET devices [8], [13]. Preliminary considerations show that short 

channel devices exhibit noise characteristics different from the predictions of the long 

channel theory [8]. To characterize the RF noise of MOSFET performance, scattering (S) 

parameters and noise parameters are required. Noise parameters include the minimum 

noise figure Fmin, equivalent noise resistance (R„), and an optimized source reflection 

coefficient (ropt). After the S-parameters and noise parameters are determined, several 

other steps are required to develop MOSFET RF frequency noise models. These extra steps 

include extraction of a MOSFET small-signal model, de-embedding of noise parameters, 

and extraction of MOSFET noise sources. In addition, many parasitics such as probe pads 

and metallization surround the device under test (DUT). In order to obtain characteristics 

of the intrinsic transistor, the effect of these parasitics must be deembeded from the 

measured S-parameters and noise parameters. This chapter describes the steps required to 

extract MOSFET high frequency (HF) noise sources. A small-signal MOSFET model 

suitable for RF applications is presented in Section 1. Noise theories of noisy linear two-

ports are presented in Section 2. The current noise models of CMOS transistors are 
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reviewed in Section 3. Finally, a mechanical tuner-based noise parameter measurement 

setup is presented in Section 4. 

2.2 MOSFET RF Model 

Figure 2-1: MOSFET small-signal model. 

The equivalent circuit shown in Figure 2-1 is used to model the MOSFET small-signal 

electrical behavior at RF frequencies [14]—[17]. The MOSFET RF small-signal model can 

be divided into two parts: an extrinsic part and an intrinsic part. The extrinsic part includes 

elements that characterize parasitics surrounding the device such as the resistance of the 

silicided polysilicon gate (Rg), the source (Rs) and drain (RJ) junction resistances; the 

parasitic inductances of the gate, source, and drain metallization are given by Lg, Ls, and Lj, 

respectively. The two-element equivalent circuit formed by Co, and Rdb represent losses in 

the conductive substrate. The intrinsic parts include the electrical elements that characterize 

the core of the metal oxide semiconductor (MOS) device. The channel capacitances are 

given by Cgs and Cgd\ C& is the drain source capacitance; gm is the device 
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transconductance; Rds is the output conductance; Vgs is the gate source voltage. The gate 

and drain pad capacitances are given by Cpg and Cpd, respectively. 

2.2.1 Parasitic resistances and parasitic inductances 

The noise performance of MOSFET transistors at RF frequencies is mainly affected by the 

parasitic components surrounding the device [17]. Rs and Rd account for the contact 

resistance between the source and drain junctions and the bulk substrate. The source and 

drain series resistances include any resistances between the metal electrodes at the source 

and drain and any other resistances leading to the MOSFET active channel. Rs and Rd in a 

MOSFET have several components such as via resistance, silicide resistance, silicide to 

silicide contact resistance, and sheet resistance in the lightly doped drain (LDD) region 

[17]. At low frequency, the gate resistance Rg results from the resistance of the silicided 

gate material. At RF frequencies, two other processes affect the value of the gate 

resistance. The first process is the distributed transmission line effect on the gate and the 

other process is the distributed effect on the channel [17]. The importance of correct 

modeling of Rg stems from the fact that it affects the match of the MOSFET to the driving 

source impedance and hence affects the noise figure as will be shown in Section 2.3. 

Values of the three parasitic resistances are in the order of a few ohms. The values of the 

parasitic resistances can be estimated from the S-parameters measurement done on a device 

with a gate source voltage (Vgs) and a drain source voltage (¥&) equal to zero as will be 

shown in the next chapter. 
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The parasitic inductances Lg, Ls, and Ld are usually formed by the metallization connecting 

the metal oxide semiconductor (MOS) device to the pad. These inductances may also 

include the bond wire parasitics in case of a packaged device. The reactance of any metal 

contacts may also be included in the value of the parasitic inductances. The values of this 

inductance are layout dependent and usually range from zero to hundreds of picohenry 

(pH). For each device under test (DUT) designed for this thesis, the metallizations 

connecting the pads to the DUT were carefully designed in order to reduce the effects of 

the metallization impedance as will be shown in Chapter 3. 

2.2.2 Intrinsic capacitances 

The intrinsic capacitances shown on the equivalent circuit of Figure 2-1 include Cgs, Cgd, 

and Cds- The capacitances Cgs and Cgd model the variations of channel charge density with 

respect to the gate-source and gate-drain voltages, respectively. The parasitic capacitances 

in a MOSFET can be divided into several fringing and overlap components [16] and [17]. 

These overlap and fringing capacitances are included in the final values of Cgs and Cgd. 

Variations of values of Cgs and Cgd with bias present an option to realize varactors. The 

drain source capacitance Cds is included in the equivalent circuit to account for capacitance 

effects between source and drain electrodes. 

2.2.3 Transconductance 

The MOS device transconductance provides the intrinsic gain. A common measure for the 

gain efficiency of a MOSFET is its transconductance (gm) per drain current gn/Ids, where Ids 

is the drain source bias current [16]. MOSFETs require a large width/length (W/L) ratio 
22 



and a high DC .biasing current to offer a transconductance comparable to the 

transconductance of a bipolar transistor biased with similar bias current. As MOSFET 

processing improves, and the gate dielectric thickness is reduced, the gm/Ids ratio has been 

found to improve [6]. The slope of the Ids-Vgs characteristics can give the transconductance 

with the drain source voltage held constant. The transconductance gm can be defined as: 

®* 
dV

gs 

(2.1) 
vds=constant 

2.2.4 Output conductance 

The resistance between the drain and source Rds is usually presented in terms of its 

reciprocal, the output conductance, gjs. The slope of the Ids-Vds characteristics can give the 

MOSFET output conductance with the gate source voltage held constant: 

1 _dlds 

8ds Rds dvds 

(2.2) 
vgs=constant 

The device output conductance plays an important role in RF design as the value of this 

conductance determines the device gain and the output matching conditions needed to 

extract maximum power from a device operating as an RF power amplifier. In general, low 

values of g^ are required in RF circuit design [16]. 

2.2.5 Substrate network 

Modeling the substrate with a lumped equivalent circuit is a complicated task due to the 

distributed nature of the substrate. Several lumped equivalent circuits are presented [17] for 

modeling the MOSFET substrate network. Five-resistor networks were suggested in [18], 
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four-resistor networks were proposed in [19], and Cheng et ah proposed three-resistor 

networks [19]. Two-resistor networks and one-resistor networks were proposed in [20]. 

The four- and five-resistor networks are more accurate and can be valid up to high 

frequencies, but analysis and extraction of equivalent circuit components is complex. 

Despite the fact that one- and two-resistor networks might be less accurate as the operating 

frequency is increased, these types provide easier analysis and parameter extraction. 

2.3 Noise theory of linear two-port networks 

Research on topics related to noise dates back to the early days of the past century [21]. For 

the noise theory of a linear two-port, the main contributions are presented in [22] and [23]. 

Results show that when the overall input-output noise behavior of a linear two-port 

network is considered, it is unnecessary to keep track of all the internal physical noise 

sources. A noiseless two-port that includes two correlated external noise sources can then 

model a linear noisy two-port. Depending upon the location and type (voltage or current 

noise source) of the external noise sources, two types of representations can be 

distinguished. 

2.3.1 Representation of a noisy two-port using correlated noise sources 

v 1 Noisy Two-Port 

2 

V 

(a) (t>> 

Figure 2-2: (a) Noisy two-port; (b) Noiseless two-port with two current sources placed 

at the input and output of the two-port network. 
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Haus and Adler [22] proved that a noisy two-port network is equivalent to a noiseless two-

port network associated with a pair of correlated noise sources. The correlation coefficient 

is a measure of the way the two noise sources depend on each other. The noise sources 

could either be partially or totally correlated as they model the contribution from all the 

physical noise sources in the noisy two-port. The two noise generators could be either 

voltage sources or current sources or a combination of voltage and current. The sources 

could be placed at either the input or the output port of the two-port network [24]-[26]. For 

the noisy linear two-port shown in Figure 2-2, relations between input and output voltages 

and current can be represented by any set of linear two-port parameters such as impedance 

[Z] parameters or admittance [Y] parameters. Then the internal noise sources can be 

represented by two external correlated noise sources. The matrix representation of the two-

port in Figure 2-2 using admittance parameters is [24]: 

h 

where /„; and i„2 are the noise sources at the input and output ports in admittance two-port 

parameters, and /, and V, are current and voltage, respectively, at the i-th port. Using the 

network theory for two-port electric circuits, six possible electrically equivalent 

representations for the noisy two-port can be constructed as shown in Figure 2-3 [24]. 
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Figure 2-3: Six equivalent representations of a noisy two-port [24]. 

2.3.2 Representation of a linear two-port using four noise parameters 

In 1956, Rothe and Dahlke introduced a new representation of a two-port using noise 

parameters [23], [27]. In this representation, a formula is derived to calculate the noise 

factor using four noise parameters. Internal physical noise sources can be replaced by a 

hypothetical correlated current source and a voltage source placed at the input of the 

noiseless two-port. The noiseless two-port is then driven by a current source with 

admittance Ys as shown in Figure 2-4. 
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Figure 2-4: a) Noisy two-port; b) Equivalent noise model. 

The noise factor of the linear two-port shown in Figure 2-4 can be given by equation (2.4) 

[27]: 

F = F. + — 
mm 

s, 
y,-y< s s opt 

(2.4) 

where ys = YJZo is the normalized admittance of the source driving the two-port given by: 

ys=gs+Jbs, (2-5) 

where Ys is the source admittance, Z0 is the characteristic impedance, gs is the source 

conductance, and bs is the source susceptance. Fmin is the minimum noise factor that the 

network can achieve, and yopt (gopt, bopt) is the normalized source admittance that produces 

the minimum noise factor. The coefficient r„ is the normalized noise resistance. The 

coefficient r„ determines the noise figure degradation when the generator admittance ys 

deviates from the optimum value yopt. The admittancesyopt and^ can be expressed in terms 

of reflection coefficients Ts and ropt using: 
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V = - , (2.6) 

and 

i -r 
1 + 1 opt 

Here r s is the reflection coefficient of the source driving the two-port and roptis the source 

reflection coefficient that produces the minimum noise factor. Thus the noise factor can be 

given by [27]: 

F = Fmi +4r 
mm n 

|2 

r -r 
' S ' "" l (2.8, 

\2 ' 

The main outcome of Rohde and Dahlke's theory is that four noise parameters Fmin, r„, and 

yopt (ropt) completely characterize linear two-ports from the point of view of noise. 

From equation (2.8) it is seen that in addition to internal noise sources, the impedance of 

the generator driving the linear system affects the noise figure of a linear system. Equation 

(2.8) determines the initial guidelines for low noise design of a linear two-port. First, a 

device with low Fmin and small value r„ should be chosen. Then the value of the generator 

admittance^ should be close toyopt- IC designers favor the two-port noise model presented 

in section 2.3.1 as this model allows calculation of the noise contribution of each element 

of the small-signal model of a MOS device. The second two-port noise model is mainly 
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useful for designs using discrete components, as this model does not give an insight about 

the noise contribution of individual elements of a device. 

2.4 Physical noise sources in MOSFETs 

A simplified RJF small-signal equivalent circuit of a MOSFET including noise sources is 

shown in Figure 2-5 [28]. The main noise source is the drain current noise i/ originating 

from the random motion of free carriers in the channel formed between source and drain. 

The drain current fluctuations cause an induced gate noise ig . Since they are originating 

from the same source, the gate noise and the drain noise are partially related by a 

correlation coefficient C. At RF frequencies, iG
2, is

2, and iD
2 model the noise current 

generated by MOSFET gate, source, and drain resistances, respectively. The current noise 

source iDB models the noise generated by the substrate resistance. 
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Figure 2-5: Noise equivalent circuit of MOSFET [28]. 
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2.4.1 Thermal noise in MOS transistors 

2.4.1.1 Drain current noise 

Van der Ziel models the drain current thermal noise of long channel MOSFET transistors 

by [29]: 

i2
nd=4kTygd0Af, (2.9) 

where k is Boltzmann's constant, T is the absolute temperature in Kelvin, Af is the noise 

bandwidth in Hertz; gd0 is the drain-source conductance at zero drain source voltage and 

can be given by: 

For long channel devices, the parameter y has a value of unity at zero Vds and decreases 

toward a value of (2/3) in saturation. In short channel device models, a significant portion 

of the channel is velocity saturated and this affects the way the noise in the channel is 

modeled. A cross section of a short channel MOSFET is shown in Figure 2-6 [28]. The 

channel consists of two regions. Region I in Figure 2-6 is the gradual electron velocity 

region; region II in Figure 2-6 is the velocity saturation region. The channel length of 

region I is Leiec and the channel length of the saturation region (II) is AL. The applied drain 

to source voltage of region I is Vdsa. and the total drain to source voltage is Vds- Ecritis the 

channel critical lateral electric field at which carriers travel at their saturation velocity vsat. 
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Figure 2-6: Cross-section of a MOSFET channel divided into a gradual channel region 

(I) and a velocity saturation region (II) [28]. 

Several models presented in the literature account for the impact of velocity saturation and 

the impact of carrier heating on the drain current noise in short channel devices. In these 

models, the factor ^was found to be variable with different device channel lengths and its 

values for short channel devices can be larger than the values for long channel devices 

owing to both velocity saturation and hot electrons. Contradicting values of/were reported 

in the literature. For example, Abidi [30] indicated that the value of y for short channel 

devices could be 3 to 4 times its long channel value. Chen [31] reported measured values 

of y of MOSFET transistors with dimensions as low as 0.18 um. The values of ^reported 

in [31] and [32] ranged from 1.1 to 1.8 for 0.18 um MOSFETS with W = 60 um (6 um * 

10 fingers) at a Vds of 1.5 V and Vgs values of 0.7 V to 1.8 V. Scholten [33] reported 

measured values of y close to the values reported by Chen and Deen [31], [32]. In addition 

to the controversies in calculating the values of y, modeling the contribution of the noise 

generated in the velocity saturation region to the total thermal drain current noise differed 

among models [34]. For example, in the theory developed by Chen and Deen, the main 
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contribution to the channel-generated noise was from region I and the velocity saturation 

region did not contribute to the drain current noise [35]. In [35], Chen clearly states that: 

"However, in this thesis, we will show that there is no noise current generated from region 

II." The analytical noise model presented in [35] used the channel length modulation 

(CLM) effect to calculate the channel noise of deep, submicron MOSFETs. The theory 

presented by Chen and Deen was verified by measurements on devices with gate lengths as 

low as 0.18 um as mentioned earlier in this section. In the theory developed by Knoblinger 

et al. [36], noise generated by hot carriers in the velocity saturation region had a 

considerable effect on the noise generated in the channel. In [36], the authors state, "// was 

found that considering hot carrier effects is essential for a correct simulation of the noise 

performance. " In [37] the authors state, "Additionally, it is shown how the noise origin in 

the two transistor regions contribute to the total gate noise. In long channel transistors 

region II is neglected, with decreasing L, however, this part becomes more and more 

important." The hot carrier effect was included in the model developed in [36] using an 

electric-field-dependent electron temperature. Results presented in [36] and [37] were 

experimentally verified on transistors with dimensions of 0.25 um. Scholten [33] used a 

modified Klaasen-Pins integral method to prove that the entire channel contributed to the 

drain current noise. Results presented in [33] and [35] were verified by measurements on 

devices with dimensions as low as 0.13 um. 
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2.4.1.2 Induced gate noise 

At high frequencies, the fluctuating channel potential couples capacitively into the gate 

terminal, giving rise to noise current flowing to the gate [37], [34]. In the MOSFET RF 

noise model, besides the drain current noise i]d, an extra noise source i2
ng (gate current 

noise) is introduced. The drain current noise i\d and gate current noise i2
ng are partially 

correlated. The gate current noise may be expressed as [38]: 

i2
ng=4kTSggAf, (2.11) 

Here the conductance gg can be expressed as: 

g=^k, (2.12) 

where a> = 2Tvf is the operating frequency in radians per second and Cgs is the gate source 

capacitance. For long channel devices, Van der Ziel has shown that the gate noise 

coefficient Jhas a value of twice ^in long channel devices. From equation (2.11), it can be 

seen that the induced gate noise is not a thermal noise source but has co2 dependence. In 

[37], a weak dependence of the induced gate noise on gate voltage was observed for 

transistors fabricated in a 0.25 îm technology. Random motion of free carriers in the 

MOSFET channel generate induced noise sources correlated with a correlation factor C 

defined in [39] and [40]: 

C = -J==. (2-13) 

33 



For typical radio frequencies, the real part of the correlation coefficient C is approximately 

equal to zero due to the purely capacitive coupling between the drain and gate noise 

generators [26]. For long channel devices, the imaginary part of the correlation coefficient 

has a value of 0.395 [26]. The sign of the imaginary part of the correlation coefficient 

depends on the drain and gate noise sources polarities [41], [42]. For short channel devices, 

the reported values of C were dependent on the dimensions of the device, but remained 

imaginary. Correlation coefficient values measured in [31] were in the range between 0.1 

and 0.5 for a fixed device width of 60 urn and gate lengths varying from 0.18 urn to 0.97 

jam at Vgs = 1.2 V and V^ = 1 V. Correlation coefficient values reported in [33] had a 

negligible real part; values of the imaginary part were close to the values presented by 

Chen and Deen [31]. 

2.5 Flicker noise 

Many of the performance problems that plague RF circuits are initially caused by flicker 

noise. For example, in voltage-controlled oscillators, flicker noise upconversion contributes 

to oscillator phase noise [17]. In current commutative mixers, flicker noise of the active 

devices appears at the output of the mixer at the baseband frequency which complicates the 

design of direct conversion receivers. The higher CMOS flicker noise represents an 

obstacle in implementing CMOS RF devices with similar noise performance to other 

competing semiconductor technologies. The precise sources of flicker noise in MOS 

devices are not yet known [17]. Three theories have been proposed in the literature to 

explain the origin of flicker noise [17]. In the carrier density fluctuation model, flicker 
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noise is explained by fluctuation of channel-free carriers due to random capture and 

emission of carriers by interface traps at the silicon (Si) and silicon dioxide (Si02) 

interface. According to this model, flicker noise is fully defined by the number of interface 

traps and completely independent of gate bias, a claim that is not consistent with 

measurements performed on deep submicron transistors. A second theory is that 

fluctuations in carrier mobility are responsible for the generation of flicker noise. A third 

theory, a combination of the first two, suggests that the capture and emission of carriers by 

the interface traps cause fluctuations in both carrier numbers and carrier mobility, causing 

flicker noise. As MOSFET technology advances, more work is needed to substantiate these 

theories. For example, direct tunneling currents in ultra thin oxide transistors (e.g., 1.5 nm 

or less) may influence flicker noise [17]. Devices operating under switched bias conditions 

are of particular importance for RF circuit designers. The effects of the switching bias 

condition on flicker noise generation needs to be studied and included in existing flicker 

noise theories [17]. Lee [8] approximates the mean-square flicker drain noise current in 

NMOS devices by: 

Tn
2*j.{27tft)

2.AAf, (2.14) 

where A is the area of the gate, K is a device specific constant,/is the operating frequency, 

and zl/is the equivalent noise bandwidth. 
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2.6 Parasitic contribution to MOSFET thermal noise 

At RF frequencies, in addition to channel thermal noise and induced gate noise, the 

parasitics surrounding the device contribute to the total thermal noise generated by the 

MOS device. Two important contributors are the gate resistance Rg and substrate 

resistance. The mean square noise voltage of the gate resistance can be given by: 

Sg=4kTRgAf. (2.15) 

Several factors contribute to resistance of the gate including the finite resistivity of the 

silicided polysilicon and the resistance of the vias between the polysilicon and the bottom 

metal layer. In order to reduce the gate resistance Rg, multifinger layout is usually used. In 

the multifinger layout configuration, a device with large width {W) is divided into smaller 

parallel devices [43]. For a multifinger layout that uses contacts on one side of the fingers, 

the gate resistance is given by [43]: 

R =^f^, (2.16) 
g • 3NJL 

where ppoiy is the sheet resistance of the polysilicon gate material, W and L are the total 

width and length of the MOS device, and Nf is the number of parallel fingers. The factor 

1/3 arises from a distributed analysis of the gate assuming each gate finger is contacted at 

only one end [41]. When each gate finger is contacted at both ends, this term is reduced to 

1/12 [41]. The layout of an n-MOSFET with double-sided gate contact is shown in Figure 

2-7. G, S, and D indicate the gate, source, and drain terminals respectively. W and L 

represent gate width and length respectively. 
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Figure 2-7: Layout of an n-MOSFET with double-sided gate contact. 

Although equation (2.16) indicates that the gate resistance Rg can be reduced by increasing 

the number of fingers N/, an increase in Nf leads to an increase in the gate to bulk parasitic 

capacitance which leads to a reduction \nft, indicating a tradeoff between Rg andft [43]. 

The waffle layout method was proposed in [43] as a solution to the tradeoff associated with 

the traditional multifinger MOSFET layout. The waffle layout method allows the 

source/drain diffusion area to be shared by more transistor gates to reduce the total 

transistor active area and source/diffusion capacitances. 

The thermal noise voltages produced by the substrate distributed resistance couple to the 

MOSFET channel causing fluctuations in channel current. Modeling of the substrate 

network is a challenging task as discussed in section 2.2.5. The reported contribution of the 

bulk resistance to the drain thermal noise varies in the literature [33]. In Scholten's [33] 

layout, where the device was surrounded with enough substrate contacts to minimize the 

value of Rsub, the substrate resistance contributed less than 3% of the total value of the 
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drain current thermal noise. In [44], the substrate resistance added 25% more noise to the 

channel thermal noise. 

2.7 Noise parameters calculation 

In this section, an algorithm to calculate the noise parameters of the DUT in terms of the 

measured S-parameters and the available gain is presented [45] and [46]. The middle block 

shown in Figure 2-8 represents the DUT. Sb and G& give the DUT S-parameters and 

available gain, respectively. The S-parameters and the available G define the passive 

devices placed at the input and output ports of the DUT. These passive devices include 

tuner, cables, and bias-tees. T is the reflection coefficient between blocks. 

o — 
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°b 

s b 

- r 

G 
c 

s 
c 

- r. 

^ O 

Figure 2-8: Effects of input and output blocks on noise parameters [45]. 

The reflection coefficients of the cascaded blocks can be given by [45]: 

T a - ^22,0 + 

^b ~ $22,b ' 

rc = s22,c + 

^\2,b-^2l,aJ' s 

i-r,s,u 

S\2,b-S21J>T a 

^~^a^U,b 

^\2,c-^2l,cTb 

i-TAu 

(2.17) 

(2.18) 

(2.19) 
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where Fs is the reflection coefficient of the noise source. The available gains can be 

expressed in terms of the reflection coefficients as [45]: 

?2iJ2(Hr,|2 

Gb = 

y ~ i% «sj ]a) \i - ras22,a 

| ^u | 2 ( i - | r f l |
2 

( i - r ,5 l l ! C ) ( i - r^ 2 2 ; ( 

i - r : 
,*\2 

'^s^a^\2,a^2\,a 

2 ' 

i - r ; 
, |2 

~^a^b^l2,b^2lj, 
2 ' 

i - r : 
- * | 2 

" ^ ' " c ' ^ n . c ^ l . c 

Using equations (2.17)-(2.22), the noise factor of the DUT can be given by [45]: 

NFb=Gc JV/T -NF -
1 * m J y J a 

NFc-\ 
GaGb J 

+ 1, 

where NFa and 7VFC are: 

NF = 

NF = 

'-L-.^ 
vGa y jo 

-+1, 

r , A 

VGe J 
-+1, 

(2.20) 

(2.21) 

(2.22) 

(2.23) 

(2.24) 

(2.25) 

where To = 290 K. NFm denotes the noise figure of a cascaded system, and NFk and Gt 

represent the noise figure and available gain, respectively, of the Mi two-port. After 

deembeding the measured noise parameters, the four noise parameters can be extracted by 

the solution of an over-determined linear system of equations in a method proposed by 

Lane [46]. The solution is obtained by rearrangement of equation (2.8) into the linear form: 

MYsj)NF> = Kf xt-21m{Ys>i}x2 +x3 +Re{7,,}x4, (2.26) 

39 



where NF,- and Ysj represent the noise figure and the source admittance of the DUT for the 

ith measurement. Re{} and Im{} represent real and imaginary parts of the parameters in 

braces. The four unknowns can be given by solving the following set of equations: 

xx=R„, (2.27) 

x2=lm{YSt0pl}R„, (2.28) 

x3=\YSfiptfR„, (2.29) 

x4=Fmm-2Re{yS)0p /}^. (2.30) 

The four noise parameters can be obtained by inversion of equations (2.27)-(2.30) [45]: 

Rn=x{, (2.31) 

MW=JT-
(,. \ 

(2.33) 

^min = x4 + 2V*1 *4 ~ *2 „ > ( 2 - 3 4 ) 

2.8 Noise parameters measurement system description 

As seen from equation (2.8), the four noise parameters of the two-port can be fully 

determined from a set of noise figure measurements done by varying the source impedance 

seen by the input port of the DUT. Since there are four noise parameters, a minimum of 

four measurements have to be made. However, because of various uncertainties in noise 

parameter measurement, it is necessary to make significantly more measurements, typically 

twelve to sixteen [47]. A tuner is usually used to vary the impedance seen by the DUT. 
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Also, the S-parameters of the tuner, DUT, and all interconnecting blocks have to be known 

for accurate noise parameter calculation. A detailed block diagram of the noise 

measurement setup is shown in Figure 2-9. 

IEEE GPIB BUS 

[-> 
HP 346C 

Noise Source -> Bias 
Tee 

+ 
Tuner 

Controller 

Automatic 
Tuner 

Gate Bias 
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-Cr-
T 

LNA Mixer . 

D > ^ 
T 

HP 8970A Noise 
Figure Meter 

T 
HP 8341B 

Frequency Synthesizer 

Figure 2-9: Noise measurement system set up. 

The measurement setup consists of a programmable tuner, a tuner controller, a vector 

network analyzer, a noise source, a frequency synthesizer, and a noise figure meter. All 

instruments are connected to a GPIB bus. DUT represents the device under test whose 

noise parameters will be measured. Input to the system is provided by the noise source. 

The output noise power is measured, processed, and displayed by the noise figure meter. 

The source tuner generates arbitrary, accurate reflection coefficients (rs). As mentioned in 

section 2.7, a simplified method of noise measurement consists of using the source tuner to 

synthesize several Ts, while measuring the noise factor. Then, the four DUT noise 

parameters can be calculated from equations (2.31) - (2.34). 

41 



2.8.1 Tuners 

The noise measurement setup used in this thesis is built around an automated tuner system 

provided by Maury Microwave Corporation [47]. Tuners can generate reflection 

coefficients by introducing controllable discontinuities on a transmission line. The tuner 

used in this setup is the MT982E. The MT982E is an electromechanical slide screw tuner 

with a frequency operating range of 0.8 to 8 GHz. In a slide screw tuner, a carriage that 

moves a probe along a transmission line generates the discontinuities. The probe can also 

move up or down toward the central conductor of the transmission line. In an automated 

tuner, stepper motors automate probe and carriage motions. The main benefits of an 

automated tuner over a manual tuner include accuracy and repeatability of impedance 

synthesis. 

2.8.2 Noise figure meter and noise source 

The Hewlett Packard (HP) 8970A noise figure meter measures the noise power at the 

output of the system. The HP8970 noise figure meter is a sensitive, tunable, automatic 

receiver with a frequency range from 10 - 1600 Hz. To extend the measurement frequency 

range of the HP8970A above 1.6 GHz, an external mixer (Mini-Circuits model ZX05-C60) 

is used to down convert the DUT output to the frequency range of the noise figure meter. A 

frequency synthesizer that can be controlled by the noise figure meter drives the mixer. 

The frequency synthesizer used in the noise measurement setup is the HP8341B. The 

frequency synthesizer covered a broad frequency range (10 MHz - 20 GHz) and provided 

adequate power outputs to drive the double balanced mixers used in the setup. A high gain, 
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low noise preamplifier (LNA) (Mini-Circuits model ZX60-8008E) was placed in front of 

the passive mixer to reduce the effect of the mixer attenuation on the overall system noise 

figure. Both the LNA and the mixer were operating in their linear range. A directional 

coupler (HP779D) or an isolator can be inserted at the input of the noise figure meter. The 

role of the directional coupler or the isolator is to provide 50 ohms impedance to the noise 

receiver irrespective of the variations in the output impedance of the DUT. The noise 

parameter measurement methods discussed in section 2.7 require a noise source to be 

switched between two distinct temperatures. The noise source used in the setup is the 

HP346B. The HP346B is a solid-state noise source that uses an avalanche diode to 

generate random thermal broadband noise. The diode can be biased from a +28 VDC 

supply (found on the noise figure meter) to generate an output noise, which corresponds to 

a hot noise temperature (Th). A cold noise temperature (Tc) corresponds to the physical 

temperature of the source when the bias is removed. These two noise levels are used to 

measure the gain and added noise figure of the device under test and, consequently, its 

noise figure. 

2.8.3 Peripheral devices 

Other devices used in the setup include a Tektronix power supply (model 2521G) for 

biasing the DUT. Unlike flicker noise measurements where batteries are used for bias, 

switch mode power supplies were used in the noise figure measurement set up. This is due 

to the fact that the 60 Hz noise generated by these power supplies does not fall in the 

operating frequency range of the noise measurement system (1-6 GHz). A Keithly multi 
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meter (model 2001) was used to measure the drain current. The probes used were the GGB 

industries ground-signal-ground (GSG) 150 p.m pitch on-wafer probes. A die fabricated in 

Taiwan Semiconductors Manufacturing Corporation's (TSMC) 0.18 urn technology was 

bonded to an aluminum substrate using conductive epoxy. The substrate was placed over a 

locally fabricated chuck connected to a vacuum pump. Detailed description of the die and 

the DUTs will be provided in chapter three. Maury Microwave software controls the 

network analyzer, tuner controller, noise figure meter, and the frequency synthesizer 

through a GPIB bus. The software synchronized the operation of the noise source, gathered 

measured noise power data from the noise figure meter, tuned the local oscillator 

frequency, and generated plots of the measured noise parameters. 

2.8.4 Calibration and measurement procedure 

Before starting the noise parameter measurements, several calibration steps are needed to 

successfully measure the S-parameters and noise parameters of the DUT. 

1. Network analyzer calibration: In order to measure the S parameters of the different 

system components and the on-wafer DUT S-parameters, the network analyzer needs to be 

calibrated. Two different calibration standards were used according to the type of 

connectors in the device that needed to be calibrated. For devices with subminiature type A 

(SMA) connectors, the 851 OB was calibrated with the calibration standards Short, Open, 

Load, and Thru (SOLT) using an HP calibration kit. For the on-wafer DUT S-parameter 

measurements, on-wafer coplanar SOLT standards built on GGB industries impedance 

standard substrates (ISS) were used. The ISS manufacturer provided the coefficients 
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defining each standard. These coefficients were loaded into the Vector Network Analyzer 

(VNA). A calibrated VNA is used to measure S-parameters of the DUT, bias tees, and all 

the components between the noise source and the noise receiver. S-parameters were 

measured using the HP8510B VNA. The HP8510B VNA includes the HP8516A S-

parameters test set and the HP8341B synthesizer sweeper. The HP synthesizer sweeper 

provides the stimulus (frequency and power) to the DUT. The test set measures and 

separates incident and reflected waves from the DUT ports. 

2. Tuner characterization: Tuner characterization consists of measured tuner two-port S-

parameter data and corresponding tuner positions measured over the operating frequency 

range. The tuner characterization method selects positions with a constant separation on a 

Smith chart. Once tuner characterization is done, the tuner can be controlled to move to 

specific points on a Smith chart. 

3. To characterize the contribution of the noise receiver to the total measured noise figure, 

the noise figure of the noise receiver has to be known. Using the Friis formula, the effect of 

the noise figure meter is deembeded from the DUT noise measurements. The noise 

parameters of the noise figure meter are measured over a number of preselected tuner 

positions. For the noise calibration, a Thru standard with known S-parameters replaces the 

DUT; complete noise and gain parameters of the receiver were measured versus frequency. 

After the calibration procedure is terminated, the DUT is inserted in the setup and biased. 

The selection of the tuner impedances directly affects the noise figure measurement results 
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[48]. Some tuner impedances can produce ill-conditioned matrices in the set of equations 

needed to calculate noise parameters, which can lead to erroneous noise parameter results. 

Several methods for selecting source impedances have been reported in the literature. Van 

Den Bush and Martens [49] proposed distributing the tuner positions according to a 

constellation diagram in the shape of a cross as shown in Figure 2-10 [48]. In [49] it was 

determined that the orientation of the diagram largely affects the precision of the results. A 

two-step algorithm was proposed to improve the accuracy of the results. In the first step, 

five tuner impedances (1, 6, 7, 8, and 9 in Figure 2-10) are selected. Using these points, the 

position of the phase of ropt can be approximately predicted. In the second step, four other 

points are selected that can analytically improve the noise parameters. A method 

proprietary to Maury Microwave suggests placing tuner impedances close to the area of a 

Smith chart where the complex conjugate of the DUT output reflection coefficient is 

located [47]. Also, Maury Microwave's software allows manual selection of tuner 

impedances. Over the course of noise parameter measurements done for this thesis, it was 

concluded that the three methods provided in [47] yield approximate results, and the point 

selection method proprietary to Maury Microwave was followed to produce the noise 

measurement results for this thesis. The linearity and stability of the DUT were observed 

during the noise measurement process. All the tuner positions were selected in the stable 

area determined by a stability circle over a Smith chart. Several algorithms for accurate 

determination of noise parameters have been suggested in the literature [49]-[51]. Escotte 

et ah [52] presented a comparative study on accuracy of the different algorithms used for 

noise parameter determination. The result of the study done in [52] indicated that 

46 



algorithms proposed by Boudiaf and Laporte [50] provided a slight improvement in 

accuracy of the measured noise parameters compared to the algorithms in [46] and [51]. 

+J1.0 

+J0.5 - . - " ~ "~^ \+ j2 .0 

-J1.0 

Figure 2-10: Impedance distribution on a Smith chart [48]. 

Chen and Deen used a system based on solid-state tuners provided by ATN Microwave, 

Inc. [32]. The ATN system provides a turn-key solution for complete S-parameter and 

noise parameter measurements. An advantage of this system is its speed in generating 

impedance points compared to a mechanical tuner; in the ATN tuner there are no 

mechanical parts. Another advantage is the light weight of the solid-state tuner. A 

lightweight tuner generates fewer vibrations, which makes it more suitable for on-wafer 

measurements. A drawback of the solid-state tuner is the limited ability to cover high 

reflection coefficient areas on a Smith chart. Wide tuner coverage on a Smith chart is 

required in cases where the value of r„ is low. As seen from equation (2.8), a low value of 

r„ causes a wider crux of the surface generated by equation (2.8), which renders the 

determination of Fmin difficult. Scholten [33] used a local built noise parameter 
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measurement system [53], The system is based on an improved Y-factor method that 

accounts for the difference in the impedance of the noise source in the hot and cold states 

[33]. In this system, instead of a tuner, three precharacterized loads generate the required 

impedances for noise parameter measurements. Again, the advantage of this method is the 

speed of the system compared to a mechanical tuner-based system. 

2.9 Conclusion 

This chapter discusses small-signal RF modeling of MOSFETs. The origin of each element 

in the model was investigated to clarify factors affecting the element value. The model is 

composed of extrinsic elements that represent the parasitics surrounding the device and 

intrinsic elements that represent the device core. 

Noise representation in a linear-two port was discussed. The various models describing the 

noise performance of RF MOSFETs are explained. Models that account for the impact of 

velocity saturation and carrier heating on the drain current noise of RF MOSFETs were 

described. A mechanical-tuner based set up to extract the noise parameters of MOSFET 

transistors operating at RF frequencies is described. 
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Chapter 3 

High Frequency Channel Noise Measurement and 

Characterization in Deep Submicron MOSFETs 

3.1 Introduction 

In Chapter 2 we addressed the steps needed for high frequency noise characterization of 

MOSFETs for RF IC applications. In this chapter we present the methodology of extraction 

of MOSFET small-signal parameters. In section 3.2 we evaluate several channel thermal 

noise models suitable for MOSFET devices operating at high frequencies. Measurements 

were done on NMOS devices with channel widths (W) of 120 pm (20 pm*6 fingers) and 

channel lengths (L) of 0.18 um, 0.36 pm, and 0.54 pm. Comparison of extracted and 

calculated noise data indicates that a recently published simple model of short channel 

devices operating at RF frequencies provides the best match between extracted and 

calculated results for the channel thermal noise over a frequency range of 3 GHz to 6 GHz 

and a gate overdrive voltage range of 0.2 V to 1.2 V. 
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3.2 Test Transistors 

3.2.1 MOS transistor layout 
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Figure 3-1: (a) MOS transistor test structure; (b) MOS transistor layout; (c) MOS 

transistor test structure dimensions (not to scale). 
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The layout of the NMOS test structure is shown in Figure 3-1.a. The NMOS transitor 

layout is shown in the close-up of Figure 3-l.b. The test structure dimensions are shown 

Figure 3-I.e. A systematic procedure for transistor layout was followed. NMOS transistors 

were built using a unit 20 um width device as shown in Figure 3-1. NMOS transistors 

operating at RF frequencies are usually designed with a smaller width in order to increase^ 

[8]. In this thesis, the unit transistor width was chosen to avoid cross talk between the 

facing on-wafer probes [54]. The gate lengths of this unit transistor were varied. The gate 

lengths of the unit transistors were 0.18 um, 0.36 um, and 0.54 urn. Larger devices are 

built using several parallel unit transistors. The designed device widths are 120 um. Two 

metal layers are used to make connections to the source and drain of the device under test 

(DUT). The bottom metal (metal 1) layer with a sheet resistance of 78 milliohms/square is 

used to connect to gate and drain terminals. Metal 2 with a sheet resistance of 78 

milliohms/square was used for the source interconnection. Each test transistor contains 6 

pads in a ground-signal-ground configuration. The transistors are connected in a common 

source configuration with the bulk connected to the source of the transistors. The metal 

connections from the source terminals to the ground pads were not shielded from the 

substrate. In the test structure shown in Figure 3-La, the width of the metal strip 

connecting the source terminals to the ground pads was selected as 2 um. The metal strip 

has a resistance of 6 Q.. However, a wider width of the metal strip will reduce the 

metallization resistance in series with the source terminal. The die photograph of the 

designed transistors is shown in Figure 3-2. The passive devices used in de-embedding the 
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pad parasitics are the open devices shown in section 3.2.2. The die layout of test transistors 

built in TSMC 0.18 |am technology is shown in Figure 3-2. 

Figure 3-2: Die photograph of test transistors built using 0.18 îrn technology. The die 

dimensions are 2000 um x 2000 um. 

3.2.2 Pad equivalent circuit 

An equivalent circuit that includes a capacitance and a resistance can model the RF pad 

[55]. The capacitance is formed between the pad metal and the conductive substrate. The 

pad resistance arises from losses in the conductive substrate. The values of pad capacitance 

are in the order of a few femto farads, while pad resistances are usually in the order of a 

few kilo ohms. The equivalent circuit model of the pad parasitics surrounding the DUT is 

shown in Figure 3-3. The elements Ypj, YP2, and Yp3 represent the parasitics introduced by 

pads and the metallization surrounding the device. The effects of pad parasitic 

contributions to measured parameters of the DUT can be deembedded using the two-port 
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theory as shown in section 3.2.3. An ideal RF pad has a small capacitance and a high 

resistance to ground. The design of an RF pad entails a trade-off between the minimum 

allowed pad area and the capability of the measuring on-wafer probes. The pad area needs 

to be as small as possible in order to reduce the capacitance to ground. However, the 

reduction of pad area is usually constrained by either the on-wafer probe tip minimum 

required area for proper on-wafer measurements or by the capability of the bonding 

machine. The pads were implemented without electrostatic discharge (ESD) protection. 

Figure 3-3: Equivalent circuit used for deembedding the effects of pads. 

3.2.3 Methodology of extraction of MOSFETs' RF small-signal model 

In the equivalent circuit shown in Figure 3-3, the gate terminal acts as port 1 and the drain 

terminal acts as port 2. Gate, drain, and source resistances can be extracted from the 

impedance (Z) parameters at a gate source voltage (Vgs) and a drain source voltage (Vds) 

equal to zero [43] and [56]. These gate and drain bias values ensure that the contribution of 

the transconductances gm and the output conductance gjs are equal to zero. The gate, 

source, and drain resistances can be extracted using [56]: 
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Re(Zu) = Rg+R„ 

Re(Z12) = Re(Z12) = JRs, (3.1) 

Rc(Z22)=Rd+Rs. 

The parasitic resistances Rg, Rs, and Rd are assumed bias independent. The calculated 

parasitic resistances can be deembedded from the measured Z-parameters of a biased 

MOSFET. The deembedded admittance parameters (Y) of the biased MOSFET can be 

approximated by [56]: 

Y.^co^R^jcoC^, (3.2) 

Yn * -co2CgdC
2Rg - jcoCgd, (3.3) 

Y2\ ~ 8m -a)2CgdCggRg -JOCgd 

-MSmCggKg, 

Y ~ c, i a CdbRdb , -.2 r r R2 722 ~ Sds + 2 2 2 + ® gm^gd^ggRg + 

(3.4) 

(3.5) 

> ( c A + c g , ) + > * +>gmcg , i?g , 
I + ffl C ^ ^ 

where Cgg is defined as the total capacitance given by: 

Cgg=Cgd + Cgs + Cgb- ( 3 -6) 

The Y-parameters given by equations (3.2)-(3.5) were calculated using the assumption 

a>2CJgRg « 1. This assumption should be validated after extraction of the small-signal 

parameters. Then the elements of the small-signal MOSFET model can be extracted using 

the real and imaginary parts of equations (3.2)-(3.5) [55], [56]: 

gm=Re(F21)U0, (3.7) 

& = i = R e M L > (3-8) 

Cg, = M ^ , (3.9) 
88 co 
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Cgd = ^ ^ . (3.10) 
CO 

Modeling the substrate with a lumped equivalent circuit is a complicated task due to the 

distributed nature of the substrate [17]. Despite the fact that one- and two-resistor networks 

might provide less accurate models of the substrate as the operating frequency is increased, 

these types provide easier analysis and parameter extraction. After extracting the 

components i?^and Cdb, the drain source capacitance Cjs can be extracted using [56]: 

n Im(72 2) „ Cdb 

co i + w LdbKdb (3.11) 

In summary, the pad deembedding steps and the small-signal parameter extraction can be 

given by the deembedding stages shown in Figure 3-4 [57]: 

- On-wafer measurement of the S-parameters of the extrinsic device 

- Transformation of S-parameters to the admittance Y-parameters and subtraction 

of the effects of pad parasitics 

- Transformation of Y-parameters to the impedance Z-parameters and subtraction 

of the effects of series resistances and inductances at the gate source and drain 

- Transformation of the impedance parameters to Y-parameters to determine the 

intrinsic Y parameters of the device 
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Figure 3-4: Method of extracting MOSFET intrinsic parameters [57]. 

The substrate resistance and capacitance can be extracted using a simple two-elements 

model [55]. The extraction method using equations (3.7)—{3.11) was applied to extract the 

parameters of NMOS transistors fabricated in a TSMC 0.18 p.m process. S-parameters 

were measured using an Agilent HP8150B vector network analyzer and on wafer probes 

over the frequency range (1-6 GHz). The measured and simulated S-parameters of an N-
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type MOSFET with channel width 120 jam and gate lengths of 0.18 um, 0.36 um, and 0.55 

um, biased at Vgs = 1.2 V and Vds = 1.8 V are shown in Figure 3-5, Figure 3-6, and Figure 

3-7, respectively. The S-parameters measurements were done at room temperature. As 

shown from figures 3-5, 3-6, and 3-7, good agreement was found between measured and 

simulated S-parameters. The small-signal model parameters at 5 GHz of an N-type 

MOSFET with channel width 120 um and gate length 0.54 jam, biased at Vgs =1 .2V and 

Vds = 1.8 V are given by: gm = 0.03911 S, rds = 464 Q, C^ = 462 fF, Cgd = 39 fF, Cds = 171 

fF, Rd = 11 CI, Rs = 6 Q, Rg = 13 Q, Cft = 153 fF, and Rdb = 430 Q. Discrepancies between 

the measured and simulated output reflection coefficients might be due to the simple two-

elements model used to represent the substrate. 

Frequency [GHz] ^ 2 

Figure 3-5: Comparison of measured (o) and simulated using lumped elements (*) S-

parameters for an NMOS device; W= 120 |nm, L = 0.18 \im. 
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Figure 3-6: Comparison of measured (o) and simulated using lumped elements (*) S-

parameters for an NMOS device; W — 120 urn, L = 0.36 um. 
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Figure 3-7: Comparison of measured (o) and simulated using lumped elements (*) S-

parameters for an NMOS device; W= 120 \m\, L = 0.54 jam. 
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The procedure described in section 3.2.3, can be repeated to determine the small-signal 

model at multibias points. Figure 3-8 depicts the measured parameters of the small-signal 

MOSFET model plotted as a function of the gate and drain bias at 3 GHz. The 

transconductance gm is shown in Figure 3-8.a. The transconductance decreases with the 

reduction of Vgs in accordance with theoretical expectations. The dependence of gm on Vds 

is minimal since measurements are done on a MOSFET operating in the saturation region. 

The output conductance gjs shown in Figure 3-8.b is highly dependent on Vgs as expected 

from the characteristics of the drain current versus the drain source voltage of the 

MOSFET. The variation trends of Cgs versus Vgs and Vds are similar to the variations of the 

transconductance shown in Figure 3-8.a. The value of Cgs almost doubles as Vgs changes 

from 0.5 V to 1.8 V. 
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Figure 3-8: Measured small-signal parameters of an N type MOSFET with W= 120 um 

and L = 0.54 jj.m versus Vgs and ¥&. 
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3.3 Drain current noise measurement 

For MOSFETs operating at high frequencies, the main noise source is the drain current 

noise originating from the random motion of free carriers in the channel formed between 

source and drain. For long channel MOSFET devices, the model proposed by Van der Ziel 

predicts the channel noise successfully [29]. For short channel devices, values of observed 

channel noise were higher than predicted by the Van der Ziel model [31]. Several models 

of channel thermal noise of MOSFET devices operating at radio frequency have been 

proposed recently [31] for the channel thermal noise of MOSFET devices operating at 

radio frequencies. Models of channel thermal noise compared in this paper are suitable for 

circuit analysis, and are given by [17]: 

Sid=\kTgm, (3.12) 

Sid=\kT(gm+gds), (3.13) 

and 

Sid =-kT{gm+gds+ gmb), (3.14) 

where K is the Boltzmann constant, T is the absolute temperature in Kelvin degrees, gm is 

the transconductance, gds is the drain source conductance, and gmb is the body 

transconductance. In addition, we evaluate the model suggested by Deen et al. [31] which 

describes the thermal channel noise in terms of voltages and currents: 

s m^M^lAll^al (315) 
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Here, VGT = Vgs - V,h, a is a coefficient accounting for bulk charge effects (a typical value 

is around 1.2 [31], and Vj is given by: 

Vd=itr—> (3-16) 

where ID is the drain bias current, Wis, the device width, and vsat is the saturation velocity. 

Several steps are required to extract the MOSFET drain current noise [13]; they include 

measuring the S-parameters of test devices, extracting the parameters of the MOSFET high 

frequency small-signal model, and measuring the MOSFET noise parameters. In addition, 

many parasitics are introduced by the probe pads and the metallization that surround the 

device under test (DUT). In order to obtain characteristics of the intrinsic transistor, effects 

of these parasitics must be de-embedded from the measured S and noise parameters [13]. 

3.3.1 Noise parameter de-embedding 

The probe pads and parasitics surrounding the device can affect the noise figure 

measurements of an on-wafer device [13], [45]. As explained in Chapter 2, the pads 

capacitively couple through the oxide layer to the substrate. The substrate underneath the 

pad behaves like a resistor, a source of noise. In addition, extrinsic elements surrounding 

the MOSFET generate thermal noise that degrades the noise figure. Methods to split the 

contribution of the pads and the parasitics surrounding the intrinsic FET begin with the 

admittance noise correlation matrix given by: 
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[CA] = 2kT0 

R„ 

F • - 1 
•* mm n y 

- nnJopt 

1 mm x p v 
_ *^nlopt 

KVopA 

(3.17) 

where A: is Boltzmann's constant, To is the ambient temperature, Rn, Fmi„, and Yopt are the 

MOSFET noise parameters. For a passive device the correlation matrix can be given by: 

[Cy] = 2kT.Re[Y], (3.18) 

where CVis the noise correlation matrix and Y is the admittance two port parameters of the 

passive device. The next step is to convert the correlation matrix into ABCD noise 

matrices. This is done through multiplying Cy by a transformation matrix T: 

[CAh[T][Cy][T]+, 

Here the transformation matrix J and its transpose I* are: 

(3.19) 

[T] = 0 an 

V1 a22j 

[7f = 0 1 
(3.20) 

where an and 022 are elements of the two-port ABCD or chain matrix defined as: 

\f*meas J 
«11 °12 

\a2\ a22j 
(3.21) 

The noise correlation matrix for the intrinsic FET is then found using 

[_C,f„raTj = legate J ( J_^< . ; o ' J L ^ S o t e J J L ^ a t e J ~ ^FET^A,drain^FET ( 3 . 2 2 ) 

The matrix CAM is the measured noise performance of the FET embedded in pads and 

interconnects. CA,gate and CA.dram are the correlation matrices for the gate and drain 

parasitics. The drain current noise can then be calculated using: 
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^ = 4 * r 0 * „ | y 2 1 (3.23) 

3.3.2 Measurement results 

The extracted channel noise (from measurements) for a representative NMOSFET (0.36 

jam gate length) is shown in Figure 3-9.a. It is approximately 0.2*10" [A /Hz] over a 

frequency range of 3-6 GHz with a gate overdrive voltage (Vgs - V,h) of 0.6 V and a F^of 

1.8 V. Channel thermal noise as a function of gate overdrive voltage is shown in Figure 

3-9.b. 

1 0 ' 

I . *" 
1—J&—*• 

1 0 ' 
3.5 

-O— extracted 

-&—calculated using equation 3.12 

-B—calculated using equation 3.13 

— -calculated using equation3.14 

—*—calculated using equation 3.15 

4 4.5 5 
Frequency [GHz] 

5.5 6 

x10 9 

-O—extracted 

- A — calculated using equation 3.12 

-B—calculated using equation 3.13 
calculated using equation 3.14 

- * — calculated using equation 3.15 
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Figure 3-9: Extracted and calculated drain current noise (a) versus frequency; and (b) 

versus gate overdrive voltage measured at 5 GHz; VdS - 1.8 V, W/L =120 nm/0.36um. 
64 



The extracted channel thermal noise was approximately 0.7* 10~20 and 10"21 [A /Hz] for the 

0.18 um and 0.54 um gate length MOSFETs, over a frequency range of 3-6 GHz with a 

gate overdrive voltage (Vgs - Vth) of 0.6 V and a V<k of 1.8 V. Extracted results from 

measurements and calculated results for the NMOSFETs with W/L 120 jim/0.18 urn and 

120 um/0.54 urn are compared in Table 3-1. Comparisons were done at 5 GHz with a gate 

overdrive voltage of 0.6 V. The simple model of drain current noise of short channel 

devices operating at RF frequencies presented by Deen et al. [31] provided the best match 

between extracted and calculated thermal noise over a frequency range of 3 GHz to 6 GHz 

and an overdrive voltage range of 0.2 V to 1.2 V. 

Table 3-1: Comparison between extracted and calculated drain current noise models. 

Extracted from measurements 

Calculated using equation 
(3.12) 

Calculated using equation 
(3.13) 

Calculated using equation 
(3.14) 

Calculated using equation 
(3.15) 

NMOSFET 

120um/0.18 urn 

5,,(A2/Hz) 

7.4e-21 

0.82e-21 

0.88e-21 

1.17e-21 

5.25e-21 

NMOSFET 

120 um/0.54 um 

Sid{A2Mz) 

9.8e-22 

3.44e-22 

3.63e-22 

4.6e-22 

7.9e-22 
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3.4 Conclusion 

Two steps are needed to extract the drain current noise a of MOSFET The first step 

includes extracting the RF small signal equivalent circuit of the MOSFET. The second step 

includes noise parameters deembeding and extraction of the drain current noise. 

A method to extract the MOSFET RF small-signal parameters from S-parameter 

measurements is presented. Extracted MOSFET RF small-signal-models were validated by 

comparing measured and extracted S-parameters of MOSFET devices with widths of 0.18 

\xm, 0.36 jam, and 0.54 urn. A comparison among several drain current noise models 

suitable for hand analysis indicates that the model developed by Deen et al. provides the 

closest agreement between modeled and measured results. 
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Chapter 4 

Oscillators in CMOS Technology 

4.1 Introduction 

In many RF and wireless systems, phase noise is a key measure of oscillators performance. 

One of the benefits of phase noise reduction is an increase in the number of users of a fixed 

bandwidth wireless system, which translates to profits for service providers. Despite 

extensive efforts by researchers over several decades, phase noise of electrical oscillators is 

still an active research area. A justification for the continuous research activity can be 

found in Rohde's statement [59], "In designing VCOs, minimizing phase noise is the prime 

task. This has been accomplished using empirical rules or numerical optimization, which 

are often held as trade secrets by many manufacturers." Over a time span of several 

decades, contributions to phase noise theories have been made by different groups of 

researchers and different approaches have been taken to model phase noise in oscillators 

[59]-[74]. In 1966, Leeson provided an insightful though qualitative approach to LC 

oscillator phase noise mechanisms [60]. A CAD oriented approach, was taken by [61], 

[62], with little benefit to circuit designers. An approach more oriented to circuit design 

was suggested by [62]-[75]. A method to classify the various contributions to phase noise 

theories can be decided according to the device type used, discrete or integrated. One 

researcher group studied phase noise using oscillators built with discrete devices, while 

other groups researched phase noise using integrated devices. Each group of researchers 

took a different approach to phase noise analysis. Also, each group used different 
67 



semiconductor technologies and studied phase noise over different frequency bands. In 

discrete design, usually oscillators are built using only one active element. This constraint 

is needed in order to minimize cost and also to reduce interconnection complexity. 

However, these constraints are of no importance in IC design due to the reduced cost of 

active elements and the ease of interconnection fabrication. In addition, IC designers have 

the freedom to tailor the active device width but have constraints of low voltage and low 

power designs. 

In phase noise theories presented by discrete design researchers, some researchers focused 

on achieving an optimum match between the active element and the resonator in order to 

reduce phase noise. For example, in low noise amplifier (LNA) design, the input matching 

to the active element directly impacts the amplifier noise figure. Leindenmeir [63] realized 

that a similar matching technique could be applied to oscillators in order to reduce phase 

noise. Everard [65] emphasized the effect on phase noise of coupling between a single 

active element and the resonator. Llopis and Cibiel presented a theory of correlation 

between an active element low frequency noise and oscillator phase noise [67]. In [68], 

phase noise theories of discrete devices were extended to include a method of matching to 

a device operated in a large signal regime. 

Phase noise theories provided by IC designers include [71]-[75]. However, concepts such 

as optimum coupling and large signal matching developed by discrete oscillator designers 
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were ignored in other phase noise theories developed by IC designers. For example, 

Hajimiri and Lee [71] suggested minimizing an impulse sensitivity function in order to 

reduce phase noise while ignoring the effects of the mismatch between the active device 

and the resonator. To bridge the gap between discrete and integrated phase noise theories, 

Cordeau et al. [75] suggested biasing the oscillator active device as a class C amplifier 

while optimizing resonator matching. In [76], phase noise was improved using a voltage 

dividing and bias-level shifting technique. 

In the first section of this chapter, a brief review of the main phase noise theories will be 

presented. An emphasis will be placed on the conditions of application of each theory 

(assumptions of the theory, frequency of operation, technology used, oscillator type, etc.). 

We will restrict the review to the design oriented theories. 

4.2 Definition of phase noise 

IEEE Standard 1139-1999 covers methods of desqribing the random instabilities of 

importance to frequency and time metrology [77]. Quantities defined in IEEE Standard 

1139-1999 include frequency, amplitude, and phase instabilities; and the spectral density of 

frequency, amplitude, and phase fluctuations. In this standard, the instantaneous output 

voltage of a precision oscillator can be expressed by: 

V(t) = (V0 + s(t)) Sm(2xv0t + #/)), (4.1) 
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where V0 is the nominal peak amplitude of the oscillator, s(t) is the deviation from nominal 

amplitude, v0 is the nominal frequency, and (p{i) is the phase deviation from the nominal 

phase 2nvot. IEEE Standard 1139-1999 describes frequency instabilities that result from 

fluctuations of the oscillation period. Fluctuations in phase result in instability of the zero 

crossing of the signal. Fluctuations in the peak value of the signal result in amplitude 

fluctuations. The amplitude-limiting mechanism of the oscillator usually damps amplitude 

fluctuations. However, no mechanism exists in the oscillator to damp phase fluctuations. A 

limit cycle can be used to describe the stability of oscillators [78]. Due to the presence of 

an amplitude limiting mechanism, for stable oscillators, radial perturbations remain small 

and the oscillator always return to the limit cycle. On the other hand, no restoring force 

exists in the oscillator to control fluctuations along the limit cycle. Consequently, the 

oscillator phase undergoes a random walk or diffusive motion [78]. Ham and Hajimiri [79], 

and Magierowski [80] showed that the associated constant of diffusion is the parameter 

that characterizes phase noise. 

In the frequency domain, phase instabilities can be characterized by the spectral density of 

phase fluctuations S/f), given by [77]: 

W)^V)^p (4.2) 

where BWis the measurement system bandwidth in Hz. The units of S^(f) are rad2/Hz. A 

commonly used measure of phase noise is £ if) which is the ratio of the power in one 

sideband due to phase modulation by noise (for a 1 Hz bandwidth) to the total signal power 
70 



(carrier plus sideband). Usually £(/) is expressed in decibels (dB) as 10 log£(/), and its 

units are dB below the carrier in 1 Hz bandwidth, generally abbreviated as dBc/Hz. £ (J) 

can be defined as one half of the double-side band spectral density of the phase fluctuations 

S4J) [77]: 

SAf) 
C(f)^_£^_± ( 4 3 ) 

It should be noted that £ (J) is measured at a specific frequency offset from the carrier. 

£ (J) does not provide information about phase noise at other offset frequencies except 

when a slope of phase noise curve versus frequency is provided. It is therefore preferable to 

make a plot of 10 log£(/) as a function of carrier offset frequency, the latter on a 

logarithmic axis. 

The phase noise spectrum can be divided into three regions depending upon the offset from 

the carrier. The first region is closest to the carrier and is believed by many authors to be 

caused by flicker noise upconversion [81]. The second region is due to thermal noise 

conversion to near carrier noise [82]. The third region corresponds to the oscillator thermal 

noise floor in addition to converted thermal noise from harmonic frequencies [71]. 

According to Leeson [60], the frequency at which the noise flattens out is equal to half the 

resonator bandwidth given by: 

^ = < y 0 / 2 Q , (4.4) 
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where a>o is the resonance frequency and Q is the resonator quality factor. However, as will 

be shown in section 4.4.4, Hajimiri and Lee refuted this assumption [71]. An output buffer 

is usually used at the output of an oscillator to prevent the change of the oscillation 

frequency with the oscillator load change and to reduce the power needed for oscillator 

startup as will be shown in section 4.5.1. The effect of the output buffer on the phase noise 

spectrum will be discussed in the next section. 

4.2.1 Effects of buffers on phase noise 

Building on the insight gained from Leeson's theory [60], Rubiola and Giordano [83] and 

Rubiola [84] investigated changes that a buffer can introduce in an oscillator spectrum. 

These changes depend on the relation of the corner frequency (fc) in the buffer amplifier 

flicker noise spectrum to the Leeson corner frequency (fi) [83], [84]. Two of the important 

cases discussed by Rubiola [83] are shown in Figure 4-1. The combined spectrum of the 

oscillator phase noise, oscillator amplifier flicker noise, and the buffer amplifier phase 

noise is shown in Figure 4-1. In Figure 4-La the buffer amplifier and the oscillator 

amplifiers have similar flicker characteristics and {fi > fc). The insertion of the output 

buffer does not affect the oscillator spectrum. In Figure 4-Lb the phase flickering of the 

buffer adds to the phase noise of the oscillator. As a consequence, the corner point /L is 

turned toward lower frequencies and a region with a slope of 1/f appears in the oscillator 

spectrum. 
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Figure 4-1: (a) Buffer amplifier flicker noise does not affect the oscillator phase noise 

spectrum; (b) Buffer amplifier flicker noise alters the oscillator phase noise spectrum [84]. 

The use of an active stage as buffer might deteriorate some of the performance parameters 

of the oscillator. For example, the signal swing over the resonator node, that is driving the 

active stage buffer, might need to be reduced in order to not push the buffer stage into 

compression as the resulting harmonics from the compressed buffer stage might corrupt the 

oscillator spectrum. These harmonics could be coupled to other circuits through the silicon 

substrate. In addition, these harmonics might be radiated if they reach the antenna through 

the reverse isolation of the front end. Another drawback of reducing the signal swing over 

the tank node is the increase in phase noise as shown by [60], [71]. Also, the added 

parasitic capacitance of the active buffer stage might slightly reduce the tuning range of a 

voltage-controlled oscillator. 

Most buffers reported in the literature for CMOS oscillators were designed for narrow 

band, low oscillator power applications that operate at low GHz frequencies (1 GHz to 5 
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GHz). With improvement in the cutoff frequency (f) of CMOS technology, wide band 

CMOS oscillators and oscillators operating at 20 GHz and 100 GHz were recently reported 

in the literature [85], [86]. Also, applications requiring high oscillator power were reported 

for oscillators designed in SiGe technology [87]. The new design requirements of high 

operating frequency, wide tuning bandwidth, high output power, and low power operation, 

pose several challenges for the buffer stage design. In order to meet the design 

requirements of newly emerging applications, the buffer stage should remain stable, 

provide good isolation, provide maximum output power to the load, and maintain high 

linearity over the operating frequency band. Buffer stage topologies reported in the 

literature depend on the application. In a 50 ohms environment, because of its low output 

impedance, the common drain configuration was widely used to drive test equipment 

without degrading the LC tank quality factor [88]. The conventional common drain stage 

and the use of transformers to extract the oscillator signal were compared in [88]. An 

oscillator with a buffer transformer showed higher output power, better power efficiency, 

and better harmonic suppression compared to an oscillator buffered by a common drain 

stage [88]. The transformer buffer, however, occupies a larger chip area, reduces tuning 

range, and is limited to narrow band operation. Various amplifier configurations were used 

as buffers in order to increase the oscillator signal swing [86]-[88]. To reduce power 

consumption, Steyaert et al. [89] eliminated the use of buffers by careful circuit design. 
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4.3 Comments on phase noise models 

In addition to differences between the several phase noise theories presented in the 

previous sections, researchers differed in several other aspects of the proposed phase noise 

models. Llopis [90] indicated the absence of a standard method to mathematical modeling 

of a noisy nonlinear system. For example, in almost all phase noise theories, the noisy 

oscillator was modeled as an active block excited by external noise sources. However, the 

choices of active block mathematical model and noise sources model varied widely among 

researchers. A group of researchers represented the oscillator as a linear time-invariant 

system [60]. This mathematical modeling of the oscillator was adopted by [91]; the authors 

stated: "Another way to view this signal growth and the resulting steady state oscillation is 

to consider the oscillator as a multitude of amplifier resonator stages. " Also, in [92] the 

authors state, "An oscillator is a narrow band amplifier of noise" and " With the help of 

stochastic signal theory we can show that a noise signal filtered through a very narrow 

band is nearly sinusoidal and the degree of coherence increases as the bandwidth becomes 

smaller. On the other hand, we can learn from this that an oscillator can be never be 

totally noise free. " To overcome differences between the actual phase noise spectrum and 

the phase noise spectrum predicted by Leeson [60], Hajimiri and Lee [71] modeled the 

oscillator as a linear time-varying block. Magierowski and Zukotynski [73] modeled the 

oscillator as a nonlinear block. 
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The controversy between researchers is even greater in modeling noise sources. Some 

researchers used the two-port small-signal noise model presented in chapter two of this 

thesis [63]. Other researchers excited a linear block representing the oscillator by a thermal 

noise source representing the noise from active and passive elements in the oscillator 

circuits. In the theory developed by Hajimiri and Lee [71], a time-varying linear block 

representing the oscillator was excited by a cyclostationary noise source and phase noise 

appeared due to the upconversion of flicker noise and due to thermal noise as will be 

shown in section 4.4.4. Another important parameter in phase noise modeling is the 

physical location of the noise source compared to the oscillator's modeling block. 

O. Llopis and G. Cibel [67] discussed noise models in linear circuits compared to noise 

models of nonlinear circuits stating: "In linear noise modeling it is not essential to 

physically locate a noise source in the transistor model. An equivalent noise sources 

approach is generally used, with two intrinsic noise sources and their correlation factor. 

On the contrary, in nonlinear circuits, the location of a noise source versus a nonlinear 

element is essential. If this noise source modulates a nonlinear element, it will be 

transposed to higher frequencies and generate phase noise. If it is at the transistor output, 

it can not modulate the main nonlinear elements in the device and has a very weak effect 

on the phase noise. " 
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4.4 Main phase noise models 

4.4.1 The Braun and Lindenmeier model 

A unique aspect of the Braun and Lindenmeier theory is the use of small-signal noise 

matching in order to reduce oscillator phase noise [63], [64]. In low noise amplifier design, 

the source impedance (50 ohms) is transformed through a matching circuit to another 

impedance ropt (optimum noise resistance) in order to minimize the amplifier noise factor 

as was shown by Lee [8] and Gonzalez [27]. Braun and Lindenmeier [63], [64] 

demonstrated that a similar noise-minimization technique could be used to reduce the noise 

contributed by the active stage to the oscillator phase noise. As the feedback circuit in an 

oscillator can be modeled using a transformer, the impedance seen at the input of the 

amplifier is then the amplifier output impedance divided by the squared transformer turns 

ratio. By modifying the transformer turns ratio, impedance matching at the input port of the 

active device for minimum noise figure can be achieved. 

In Braun and Lindenmeier's [63] theory, a small signal for the transistor is assumed and the 

noisy two-port amplifier is represented by a noiseless two-port with two correlated noise 

current and noise voltage sources v„ and /„, respectively. The correlation is represented by 

the complex correlation coefficient y. Flicker noise upconversion is ignored in this theory. 

A good agreement was found between theory and measurements done on a 150 MHz 

oscillator. The oscillator topology used by Braun and Leindenmeier [63] and the equivalent 

circuit of the oscillator are shown in Figure 4-2. G represents the tank losses, L and C 
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represent the tank circuit inductance and capacitance, respectively. The noise current i„c 

consists of the thermal noise of the conductance G, t is the primary to secondary 

transformer ratio. 

Active element 

ap 

(a) 

Figure 4-2: (a) Oscillator AC equivalent circuit; (b) Noise equivalent circuit [63], 

The carrier to noise ratio at the output of the oscillator can be given by: 

aFm =10.1og BUT.ft Ge 1 1 
G Qo A/2 

(4.5) 

where P is the oscillator power, K is Boltzmann's constant, B is the noise measurement 

bandwidth, Af is a frequency offset from the carrier, and Qo is the resonant circuit quality 

factor determined by the conductance G. Ge is given by: 

G. 
•2 -2 

lnG + lnT 

A.KT.B 
(4.6) 

where inT represents the active element noise sources transformed into a single noise 

current source parallel to the tank. The aim of the theory is to find the minimum ratio GJG 

necessary to minimize equation (4.5). Braun and Lindenmeier [63] demonstrated that the 
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minimum ratio of GJG is achieved when the conductance Gtot is transformed via the 

feedback circuit into the optimum source admittance Yop, at the input of the transistor: 

f t ] =1+i ^F- r \ -% L ' (4-7) 

where YR a nd Yi a r e m e real and imaginary parts of the complex correlation coefficient 

shown in Figure 4-2. FTmin represents the minimum noise figure of the noise matched 

active element. Gtot can be given by: 

GM=G + Re{Y22}. (4.8) 

where Re{Y22} is the real part of the admittance parameter Y22. 

4.4.1.1 Results of Braun and Lindenmeier's phase noise theory 

According to Braun and Lindenmeier [63], the following recommendations can be applied 

in order to design an oscillator with low phase noise: 

1. Choose a transistor with small noise figure FTmm and small output conductance. 

2. Maximize the oscillator output power. 

3. Meet an impedance condition at the input of the active element, which can be reached by 

optimization of the oscillator feedback network. 

4. Choose a resonator with high quality factor QQ. 
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4.4.2 Everard phase noise model 

Everard [65] and Everard and Page-Jones [66] presented a theory for low noise oscillator 

design to describe the effects of the amplifier noise figure (F), the voltage gain of the 

amplifier (G), the unloaded quality factor (Qo), and the loaded quality factor (QL) on phase 

noise. The theory was verified experimentally for oscillators built using different 

semiconductor technologies in the frequency range from 150 MHz up to 7 GHz. A linear 

model was used for the oscillator. Flicker noise effects on oscillator phase noise 

performance were described qualitatively. Suggested oscillator topologies to reduce phase 

noise were presented in [65], [66]. 

v i n 2 

(Noise) 

v i n l 
(Feedback) 

I \i I 1 p r m I 

C R, L 
loss 

Figure 4-3: Everard equivalent circuit model of an oscillator [65]. 

The oscillator equivalent circuit shown in Figure 4-3 was used to calculate phase noise. 

The Everard model of an oscillator consists of an amplifier with two inputs with equal 

impedance. The first input is driven by the feedback resonator voltage (Vj„i); the second 

input is driven by the circuit noise voltage (Vin2). The output impedance is given by Rout. A 
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capacitor C, an inductor L, and a loss resistance Rioss model the feedback resonator. The 

circuit configuration is similar to an operational amplifier with feedback circuit, therefore 

the voltage transfer characteristic can be derived in a similar way. The phase noise at an 

offset frequency To from the carrier can be given by: 

C -A- FKT 
( f \ 

Jo (4.9) 
'*-(QO)2(QL/QO)2{I-QL/QO)NP 

where A and P are constants that depend on the input and output impedance of the 

amplifier shown in Figure 4-3, F is the operating noise figure, K is Boltzmann's constant, T 

is the operating temperature in degrees Kelvin, Qi is the loaded quality factor, Qo is the 

resonator unloaded quality factor, and fo is the operating frequency. If equation (4.9) is 

differentiated with respect to Qi/Qo, a minimum value of phase noise can be obtained at 

Qi/Qo = 2/3. If the oscillator is operating with the optimum value of Qi/Qo, then the 

equation of phase noise simplifies to: 

21-FKT 
*->i?\* — A. 

( r V 

32.(0, fPw 
/o (4.10) 

where PRF is the total RF power. The theory described above is valid when thermal noise is 

the dominant noise source. The effect of flicker noise can be incorporated into this theory 

by shaping part of the input noise with a 1/f characteristic. Several circuits were described 

in [2] for transposed flicker noise reduction. 

4.4.2.1 Results of Everard's theory 

1- The resonator should have a high-unloaded quality factor. 
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2- The loop amplifier should have a low small-signal noise figure. 

3- Resonator coupling should be set to achieve the ratio between loaded and unloaded 

quality factor = (1/2) or (1/3). 

4- An oscillator configuration producing the lowest transposed flicker noise should be 

implemented. 

4.4.3 Llopis and Cibiel's theory 

Llopis and Cibiel [67] predicted that the noise characteristics of the oscillator's 

components as measured in an open-loop (residual phase noise) configuration have a direct 

bearing on the closed loop phase noise of the oscillator. The study of the oscillator 

components in an open-loop configuration has several advantages over a closed loop 

analysis of the oscillator. The first advantage is in the simulation domain: the analysis of a 

driven circuit (an amplifier) is easier and quicker than the analysis of an autonomous 

circuit. The second advantage is in the experimental domain: the noise performance of an 

amplifier can be measured in a very precise way. The open-loop phase noise approach (or 

residual phase noise approach) has revealed many interesting points that can be used for 

oscillator phase noise minimization. The oscillator block diagram shown in [67] is used to 

study the sources of phase noise in an oscillator. The block diagram represents an active 

element and a tuned circuit in a feedback configuration. 
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Figure 4-4: Simplified feedback oscillator model [67]. 

Three sources of noise are represented on the simplified feedback oscillator model shown 

in Figure 4-4. AV represents the equivalent low frequency noise at the input of the 

oscillator, A<j>t is the residual phase noise of the transistor in an open-loop configuration, 

and Af represents frequency fluctuations around the carrier. The goal of the current theory 

is to determine the correlation between Af, A</>, and AV. The active device phase 

fluctuations in an oscillator loop are directly converted into frequency fluctuations 

according to [67]: 

By - A. 
2QL 

S<1> > (4.11) 

where SA/ is the oscillator frequency fluctuations spectral density (in Hz2/Hz), S<p is the 

amplifier phase noise spectral density (in rad2/Hz), fo is the oscillator frequency, and Qi is 

the oscillator loaded quality factor. Therefore, investigations of Af can be replaced by 

investigations of A<j). The three sources of noise {Af, A(j>, and AV) can be correlated by the 

following simplified process: AV generates fluctuations of certain resistive and capacitive 

elements in the active device resulting in phase fluctuations in the device when the active 
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device is used as an amplifier (open-loop configuration). When the amplifier is used in a 

closed loop, the condition of oscillation requirements needed for oscillation build-up 

impose a total phase of 2nn around the loop. The phase fluctuations caused by the active 

device have to be compensated by fluctuations in another circuit parameter in order to 

satisfy the phase conditions needed for oscillation build-up. If we assume that the 

amplitude fluctuations are either weak or have been removed by the closed-loop amplitude 

limiter, then the frequency in the loop will be the only fluctuating parameter [67]. It can be 

shown that the oscillator phase noise can be given by [68]: 

C O , ) = 20 log 
( fo-H ^ (4.12) 

where Losc(fm) is the oscillator phase noise at an offset frequency/„ from the carrier fo, A<f> 

is the residual phase fluctuation of the active device, and QL is the oscillator loaded quality 

factor. The main addition of Llopis and Cibiel's [67] theory is the use of residual phase 

noise measurement as a criterion for the selection of transistor used as an active element in 

the oscillator feedback loop. 

4.4.4 The Hajimiri phase noise model 

Hajimiri and Lee [71] were the first to point out the limitations of the phase noise theories 

developed using a linear oscillator model. Hajimiri and Lee modeled the oscillator as a 

linear time-varying system driven by a cyclostationary noise source. The main outcome of 

the theory is the proposal of a new function that measures the sensitivity of the oscillator to 

an applied impulse. The proposed function was called an impulse sensitivity function (ISF) 

84 



and it measures the sensitivity of an oscillator to a current impulse injected in the resonator 

at a particular moment. Using Spice simulation, Hajimiri and Lee concluded that injecting 

the noise current into the resonator at a waveform peak produces a change in amplitude. 

This amplitude change is attenuated by the oscillator's amplitude control mechanism. 

Injecting the current impulse at a zero crossing causes a phase disturbance. Unlike 

amplitude disturbance, no mechanism exists in the oscillator to attenuate the phase 

disturbance. The impulse response of the resonator due to injection of the noise current 

pulse can be given by: 

A , ( / , r ) = I ^ « ( / - r ) , (4.13) 
?max 

where u(t) is the unit step function, r is the time when the impulse is injected, and qmax is 

the maximum value of the injected charge into the capacitor. The function T(x) is the time-

varying "proportionality factor." It is called the impulse sensitivity function (ISF), since it 

determines the sensitivity of the oscillator to an impulsive input. The output excess phase 

<f)(t) can be calculated using: 

m = £ V > r > ' ( 0 ^ = — Jr(a\,r)»(r)rfr - (4.14) 

Since the ISF is a periodic function at frequency a>o, only noise close to DC, a>o, and its 

harmonics will result in a nonzero excess phase as seen from equation (4.14) [93]. Noise 

from all other frequencies will average-out over time. Using the Fourier series, the ISF can 

be expanded as: 
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r(a0T) = c0+^c„ cos(na)0T + 0n), (4.15) 
»=i 

where the coefficients c„ are real-valued, and 9„ is the phase of the nth harmonic. 

Substituting equation (4.15) in equation (4.14) gives: 

*(0 =- 4^ + i> / j ,„^ (4.16) 

Equation (4.16) identifies individual contributions to the total <f>(t) for an arbitrary input 

current /(/) injected into any circuit node in terms of the various Fourier coefficients of the 

ISF. The phase noise spectrum in the 1/f region may be expressed as: 

JC(ACO) = 10. log 
A/ "*" 

2tfmaxA<y2 
(4.17) 

Where T^ is the root mean squared value (rms) value of the ISF, qmax is the maximum 

charge on the tank capacitance, and /„ is the noise current source injected in the tank. Phase 

noise due to flicker noise can be given by: 

£(A<») = 10.k>g cl A/ a\/f 

<7max 8 A « 2 ACO 
(4.18) 

Equation (4.18) highlights a major contribution of this theory [93]. Phase noise resulting 

from flicker noise upconversion is found to be proportional to Co, the DC component of the 

ISF. Hence, the 1/Aco3 region in the oscillator spectrum can be reduced by reducing CQ. This 

is contrary to the common belief that the phase noise 1/Aco3 corner is the same as the 1/f 
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comer for flicker noise, since the complete spectrum close to DC is upconverted to the 

vicinity of the carrier. The theory, however, requires extensive simulation rather than 

analytical means. Also, the theory does not provide insight on minimizing phase noise by 

optimizing an oscillator topology [93]. 

4.4.5 Hegazi Rael and Abidi 

This theory treats the active elements of the oscillator as a mixing pair that causes the 

upconversion of the noise sources of the tank and of the active devices [74]. Passive LC 

filters were added to the bias current sources to lower phase noise. The phase noise can be 

given by the Leeson-like formula: 

£(A») = ± ^ ( - i L T . (4.19) 

The factor F can be given by: 

F = 2 + ̂ ^ + y-gmbiasR. (4.20) 

where Rp refers to the parallel resistance of the tank, Vo refers to the amplitude over the 

tank, IT is the tail bias current, gmbias is the current source transconductance and y is the 

FET noise factor (2/3 for long channel devices). Similar to Lesson's conclusions, this 

theory predicts the dependence of phase noise on the LC tank quality factor. 
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4.5 Integrated LC oscillators 

4.5.1 LC oscillators 

Several oscillator topologies have been presented in the literature. Structures including an 

NMOS-only core [94], PMOS only core or cross-coupled structures including NMOS and 

PMOS transistors were presented [95]-[97]. The cross-coupled differential oscillator 

consumes more power and occupies more die area. However, the NMOS-only oscillator 

was shown to exhibit inferior phase noise at all the measured bias points [95]-[97]. There 

are several reasons for the superiority of the complementary structure over the all-NMOS 

structure. The complementary structure offers higher transconductance for a given current, 

which results in faster switching of the cross-coupled differential pair. This structure also 

offers better rise- and fall-time symmetry, which results in less upconversion of flicker 

noise [71], [97]. A drawback of the differential LC oscillator topology is the limited 

headroom for signal swing, which makes this topology less suitable for low voltage 

operation. Each of the LC oscillator topologies can be augmented by a bias current source 

as shown in Figure 4-5. The tail current source can be implemented in either PMOS or 

NMOS devices. PMOS current source implementations are usually preferred as PMOS 

devices have lower flicker noise for a given bias current [8]. The tail current source 

controls whether the oscillator operates in the so-called voltage limited or current limited 

regimes [95]. On the other hand, the tail current source limits the voltage swing across the 

tank and adds noise to the overall VCO noise [71], [95]. Hegazi et al. [74] reduced the 

noise contribution from the tail current source using passive filters. An advantage of a tail 
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current source is that it sets the bias for the differential pair making it more immune to 

supply voltage variations. 

Bias current 

DD 

(a) 

DD 

Bias current 

r1 
1 

(b) 

Figure 4-5: (a) NMOS-only differential oscillator; (b) NMOS and PMOS differential. 

4.6 LC VCO circuit design 

In this section we describe the design of LC oscillators. First, the conditions necessary for 

the start of oscillation are described. Then, the tradeoffs involved in the design of 

integrated inductor are highlighted. 
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4.6.1 Transconductor Design 
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Figure 4-6: (a) Cross-coupled differential inverter oscillator; (b) Representation using 

inverters. 

The complementary oscillator shown in Figure 4-6.a can be considered as a cross-coupled 

pair of inverters in parallel with a tank circuit shown in Figure 4-6.b [96], [97]. The 

complementary oscillator shown in Figure 4-6.a can create twice the negative resistance of 

its single-sided counterparts for a given bias current, because the same bias current is used 
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in both PMOS and NMOS devices. The negative resistance seen by the tank circuit is given 

by [97]: 

2 
^negative = ~ ' V*'^*) 

Sm,n &tn,p 

where gm>„ and gm_p are the transconductances of NMOS and the PMOS devices, 

respectively. Since the oscillator is essentially a pair of cross-coupled inverters, the DC 

level of the tank voltages will be the switching point of each inverter. Thus, if \Rnegative\ is 

greater than or equal to the equivalent parallel resistance of the tank, the circuit will 

oscillate. The differential pair can be modeled as a current source switching between Itau 

and -Itan in parallel with a resistance-inductance-capacitance (RLC) tank. A simple 

expression for the tank voltage amplitude can be obtained assuming that the current in the 

differential stage switches quickly from one side to another. Harmonics of the input current 

are strongly attenuated by the LC tank, leaving the fundamental of the input current to 

induce a differential voltage swing amplitude of (4/n)Itaii Req across the tank if one 

assumes a rectangular current waveform [97]. Req is the equivalent parallel resistance of the 

tank. The frequency of oscillation can be calculated from the linear model given in [79]. 

Low power, low phase noise LC oscillator design entails several tradeoffs. As seen from 

equation (4.19), increasing the amplitude of oscillation or improving the inductor quality 

factor can improve the LC oscillator phase noise. However, as mentioned in sections 4.5.1 

and 4.6.1, for operation in the current limited regime, an increase in oscillation amplitude 

can be realized by spending more power. The quality factor can be improved by increasing 
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the inductance. However, increasing the inductance entails a tradeoff between occupied die 

area and tuning range as described in the next section. 

4.6.2 Inductor design 
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Figure 4-7: Square spiral inductor: (a) Layout; (b) Equivalent circuit. 

Among the important parameters of integrated inductors are quality factor, self-resonance 

frequency, and inductor area. These parameters depend strongly on the layout of the 

inductor and the properties of the technology. Inductors are usually implemented as spiral 

structures [100]. The bulk of the spiral is implemented in the topmost available metal as 

this layer has the lowest metal resistance and lowest capacitance to the substrate. The 

connection to the center of the spiral is made with a lower metal layer. In LC oscillator 

design a large value of inductance is desired in order to maximize the equivalent parallel 

resistance of the LC tank. Increasing this resistance lowers power consumption since the 

transconductances required for oscillations become smaller. In addition to the loss of die 

area, maximizing the value of the inductor entails two trade-offs. First, due to the increased 

parasitic capacitances of the inductor, the self-resonance frequency decreases, approaching 
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the oscillation frequency of interest. Second, the tank capacitance becomes limited by 

inductor parasitic capacitances making it difficult to vary the oscillation frequency using 

varactors. Thus, a compromise between inductor value and area is usually necessary. 

Several techniques have been proposed to improve the inductor quality factor [100]-[103]. 

These techniques were focused on reducing the losses caused by either the metal series 

resistance or the lossy conductive substrate. In [101], a method based on shunting several 

metal layers was proposed to reduce inductor series resistance. However, this technique 

suffers from increased capacitance between the inductor and the substrate due to the 

proximity of the metal layers to the conductive substrate. Inductors realized using bond 

wires achieved high Q but suffered from lack of reproducibility for manufacturing. Yue 

and Wong [102] have shown that losses in the substrate can be reduced when the value of 

the resistance Rp shown in Figure 4-7.b goes to either zero or infinity. This is an important 

observation because it implies that Q can be improved by making the silicon substrate 

either short or open. Using high resistivity silicon or etching away the substrate is 

equivalent to making the substrate an open circuit. This approach was used by Burghartz et 

al. [101]. Yue and Wong [102] investigated shorting the substrate using a ground shield 

placed between the inductor and the conductive substrate. This technique lead to around 

33% improvement in Q. 

The inductance of a square spiral inductor can be approximated by [8]: 

L*4x{i0n
2r = 1.2*10~6n2r, (4.22) 
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where L is the coil inductance, r the coil radius in meters, JJLO is the permeability of free 

space and n is the number of turns. The inductors used in the VCO shown in Figure 4-6 

were optimized using the tool "Analysis and Simulation of Spiral Inductors and 

Transformers for ICs" (ASITIC) [100]. The layout of a square spiral inductor is shown in 

Figure 4-7.a. The number of turns n, metal width w, metal spacing s, and inductor outer 

diameter d characterize the spiral. A nonsymmetric equivalent circuit for spiral inductors 

used in simulations is depicted in Figure 4-7.b. The inductance and resistance of the metal 

traces are given by Ls and Rs, respectively. Rp and Cp give the substrate resistance and 

capacitance, respectively. 

4.7 Conclusion 

Phase noise theories cited in the literature were reviewed in this chapter. Over several 

decades, researchers have made contributions to phase noise theories using either discrete 

or integrated devices. Each proposed model sheds some light but no method covers all 

aspects of phase noise modeling. Phase noise theories developed by researchers using 

discrete devices emphasize optimum matching between the active device and the resonat6r. 

A correlation between oscillator phase noise and the amplifier low frequency noise was 

established by Llopis et al. [67]. Research using integrated devices emphasizes optimum 

conditions for injecting noise to the resonator. Another approach suggests adding filters to 

the bias current source to lower phase noise. 
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Chapter 5 

Coupled Oscillators in CMOS Technology 

5.1 Introduction 

Many modern transceiver architectures require signal sources that generate quadrature or 

polyphase signals as mentioned in chapter one. The problem of generating RF sinusoidal 

signals in quadrature can be considered in this thesis as follows: There are two nonlinear 

self-sustained periodic oscillators, and these two oscillators interact through coupling [78]. 

An emphasis is placed on selecting the technique, type, and strength of coupling in order to 

generate accurate quadrature signals. The term "coupling technique" describes the network 

used as the coupling element. The coupling network can be implemented using either 

passive or active networks. The term "coupling type" refers to the harmonic used by the 

coupling network to establish the coupling process between oscillators. Either odd or even 

harmonics can be used to couple oscillators. The strength of coupling can be defined by the 

influence of the coupling term on the differential equation describing each oscillator. 

Several methods exist to generate quadrature signals as will be shown in section 5.2 [104]-

[116] 

For quadrature generation, the self-oscillating nonlinear systems presented in the literature 

include the Robinson type, van der Pol oscillators, and relaxation oscillators. 

Characteristics of Robinson type oscillators and van der Pol oscillators are compared in 

[117]. Relaxation oscillators are also widely used in on-chip applications as they provide 
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considerable die area reduction compared to LC oscillators. However, stand-alone 

relaxation oscillators are known to have worse phase noise performance than LC 

oscillators. Indeed, LC oscillators have better phase noise performance, but when they are 

coupled to obtain quadrature outputs there is some phase noise degradation [115]. 

Comparison of quadrature signal generation using relaxation and Robinson type oscillators 

was done in [118]. The effects of coupling on phase noise in LC oscillators has been 

discussed in [105], [118] and [119]. Phase noise of multiphase LC oscillators was studied 

using a linear model in [105]. Rohde et al. [59] used a simple oscillator model to prove that 

coupling improves the phase noise of LC oscillators. However, the main outcome of the 

study done by [105] was that the resonator phase shift must be minimized in order to 

reduce the coupled oscillators' phase noise. The theory developed in [105] was confirmed 

by the design of a 5 GHz I/Q LC oscillator including a phase shifter to improve the coupled 

oscillator phase noise. 

This chapter is organized as follows: In section one, different methods of generating 

quadrature signals are reviewed. In section two, a general synchronization system using 

coupling types and techniques for LC oscillators discussed above is presented. The 

development of quadrature mutually coupled LC-oscillators is characterized by efforts, for 

first and higher harmonic coupling, to stay in the frame of linear theory [105], [112]. Yet, 

synchronization may be explained by referring to the nonlinear theory of mutual 

synchronization. The fact that the synchronization of LC-oscillators is a deeply nonlinear 

phenomenon was known long ago [121]. But these results are overlooked in the modern 
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approach to the problem of synchronization. The correct, full explanation of 

synchronization, based on the nonlinear behavior of constituent oscillators, is absent. In 

section three, equations for the calculation of amplitude and frequency of coupled van der 

Pol oscillators are derived [120], [121]. In previous sections, we considered coupling in 

purely deterministic oscillators, neglecting the effects of noise. In section four, the effects 

of coupling on coupled LC oscillators' phase noise will be discussed. Coupled RC 

oscillators are discussed in section five. In section six, the effects of coupling strength on 

phase noise and quadrature errors in coupled relaxation oscillators and LC oscillators are 

studied experimentally using a 5 GHz oscillator built in 0.18 urn TSMC technology. 

5.2 Methods of quadrature signal generation 

Several techniques to generate quadrature signals have been presented in the literature as 

shown in Figure 5-1 [59], [112]. Ring oscillators were used to generate polyphase signals 

in [106]. This type of implementation occupies a small die area and has a large tuning 

range due to the absence of resonant tuned circuits. However, this implementation has the 

disadvantage of poor phase noise performance and large power consumption. An LC 

voltage controlled oscillator (VCO) followed by a RC-CR filter or a polyphase filter can be 

used for quadrature signal generation as shown in Figure 5-l.b. The driving LC oscillator 

provides adequate phase noise signals but the oscillator tuning range is low due to the LC 

circuit limited bandwidth. Another serious disadvantage of using this implementation in 

transceivers is the fact that the oscillators run at almost the same frequency as the power 

amplifier which causes the oscillator to be susceptible to pulling. An oscillator running at 
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half local oscillator frequency can be implemented to avoid the oscillator-pulling problem. 

A frequency doubler follows the main oscillator as shown in Figure 5-I.e. A drawback of 

this implementation is the power consumed by the frequency doubler [104]. The solution 

shown in Figure 5-l.d suggests running the VCO at double or quadruple the frequency 

required for the quadrature signals [107], [108]. In this implementation, a frequency 

divider generates the required quadrature signals. The frequency divider can be 

implemented using a divide by 2-master/slave toggle flip-flop. A drawback of this 

implementation is the power consumed by the extra circuitry needed for frequency 

division. In most of the polyphase oscillators presented in the previous section, active 

elements were used as coupling circuits [112]—[115]. In addition, using passive circuits to 

couple two oscillators was suggested in [105] and [116]. Each of these coupling types 

suffers from some disadvantages. For example, while implementing coupling using active 

circuits increases power consumption, using passive devices as coupling elements 

increases the occupied die area. 
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Figure 5-1: Different methods of generating quadrature signals [104]. 

5.3 Block diagram study of coupled LC oscillators 

Consider that two oscillators of the type shown in Figure 5-2.a are being synchronized. 

Each oscillator consists of an LC circuit and an amplitude stabilizing circuit. We will 

assume symmetric oscillators and symmetric amplitude stabilization circuits. A coupling 

circuit augments the main oscillator as shown in Figure 5-2.b. It is possible to show that the 

process of amplitude stabilization is connected with the creation of harmonic distortions in 

the currents i\ and z'2. The differential current id = h - ii supplied to the LC circuit, in 
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addition to the first harmonic, includes the third and other odd harmonics. The current z'3 = 

/'1 + 12 includes a DC component and a second and other even harmonics. Coupling or 

synchronization circuits can be added to the two oscillators. The coupling circuit may 

operate on odd (including the first harmonic) or even harmonics. In the case of using odd 

harmonics, the harmonics produced in the first oscillator control the operation of the 

second oscillator. This phenomenon is especially clear in the case of active coupling using 

the first harmonic. Use of even harmonic coupling is similar. The current z3 can be used for 

second harmonic coupling. Second harmonic coupling circuits may also operate on the 

current i& as shown in Figure 5-3. Odd harmonic synchronization can be implemented 

using the synchronization circuit operating on the currents U and i$. Most of the coupling 

circuits used in [106]—[111] were implemented using the first or odd harmonics. The 

second harmonic common mode coupling type was presented in [122], [123]. The coupling 

was realized using passive narrowband networks. The main advantage of this second 

harmonic coupling is that, as the coupling circuit is not connected to the LC circuit nodes, 

it will not force any additional change in the synchronized oscillation frequency. Therefore, 

there will be no additional phase noise degradation due to further shifts from the resonant 

frequency [124]. One drawback of such realization is the extra die area required to 

implement the passive devices. To avoid the drawback of the area increase found in [122], 

Filanovsky et al. [125] presented a new coupling technique to realize the second harmonic 

coupling type to enforce a quadrature relation between the two van der Pol (VDP) 

oscillators. This new technique suggested using active elements as the main coupling block 

in a second harmonics quadrature oscillator. In [125], the circuit implementation and the 
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conditions of establishing a strong second harmonic component in the common mode 

current were derived, and the benefits and drawbacks of the new coupling technique were 

highlighted. Another combination of coupling types was suggested in [126]. Using weak 

first harmonic coupling (as no bias current is consumed by the coupling circuits) and 

second harmonic coupling (using a passive narrow band circuit) yields a benefit from the 

good phase noise performance of a single LC oscillator and, at the same time, achieves 

accurate quadrature outputs. 

(a) (b) 

Figure 5-2: LC oscillator (a) without and (b) with synchronization circuit. 

It can be concluded from the above description of coupling mechanisms that coupling and 

synchronization are closely connected with phase locking and entrainment. Yet, although 

the nonlinear nature of the last phenomenon is well recognized, the nonlinear nature of 
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synchronization is not recognized. Attempts to solve synchronization phenomena using 

linear methods do not provide an adequate description of this phenomenon. 
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Figure 5-3: Synchronization using odd and even harmonics. 
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5.4 Coupled LC oscillators 
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Figure 5-4: Quadrature oscillator with (a) coupling transconductances; (b) capacitive 

coupling; (c) Inductive coupling and (d) transformer coupling. 
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A block diagram of two stand-alone oscillators and the coupling network is shown in 

Figure 5-4. Mutual coupling is achieved using transconductances connecting the oscillators 

as shown in Figure 5-4.a [112]—[116]. Stand-alone oscillators can also be coupled using 

passive devices such as capacitors, inductors, and transformers as shown in Figures 5-4.c, 

5-4.d, and 5-4.e, respectively [116]. However, compared to inductive and capacitive 

coupling, coupling using transconductances offers several benefits. For instance, coupling 

using transconductances is more area efficient than coupling using passive devices. Also, 

coupling using transconductances is more suitable for RC oscillators, as passive devices 

might interfere with the frequency setting elements of RC oscillators. When two or more 

van der Pol oscillators are interconnected with mutual coupling, an entrainment condition 

is obtained similar to the well-known phenomenon of forced entrainment [120], [121]. As 

shown in [121], the type of coupling affects the frequency and amplitude of the coupled 

oscillators. In this section, the equations for calculation of the synchronization frequency, 

and the equations for the oscillation amplitudes in both oscillators are derived. It is shown 

that, in the general case, the synchronization frequency is different from the frequencies of 

noncoupled oscillators. The oscillation amplitudes are also not equal: one oscillator (with 

larger power) becomes a master, and has frequency and oscillation amplitude close to the 

values that existed before coupling. The other oscillator becomes a slave, and its frequency 

and amplitude are defined by the oscillation parameters of the master oscillator and the 

coupling coefficients. The structure of this section is the following. Subsection 5.4.1 gives 

the synchronization theory. The amplitude and frequency of the coupled oscillators are 
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derived in subsection 5.4.2. A study of the effects of coupling on phase noise and 

quadrature errors is presented in section 5.4.3. 

5.4.1 Synchronization theory of LC oscillators 

In Figure 5-4.b, two oscillators are modeled with the tank circuits I,,/?,, C,, and L2,R2,C2, 

respectively; also, each oscillator model includes a controllable current source providing 

compensation for losses and amplitude control. Assume that these oscillators are of the van 

der Pol type, with id] = -M,w(l-JV,w2) and id2 =-M2v(l-N2v
2) whereM,,M2,Nt,N2are 

positive constants [80]. The oscillators are mutually coupled through transconductances 

providing coupling currents isl = gxu and is2 = g2v. Then 

|udt + — 
•I R , 

— \vdt + — 
L, J R, 

„ du . . 

dt 

dv 

dt 

(5.1) 

After differentiation, this system of equations (5.1) can be rewritten as: 

^ 2" -./o <- 2xdu 2 dv „ 
— -2(S0-S2u ) — + <T, w + a, — = 0 
dt dt dt 
d2v 2^dv 2 du n -TT-2(ro-72v ) -T + cr2 v + a2-r = ° . dt dt dt 

(5.2) 

where S0 = - Mx- R \J 
Cx

 n~2 M2 
2 R 

_L x - 3M'NJ 
C ' 2~ 2C, ' '2 

3M2N2 2 
/?= M - , ar, = 

Ij^s Zd\^"\ j-ttK^t 

The coupling coefficients are given by «, =-— and «2 = - — . Assume that the system 

(5.2) has the steady-state synchronous solution described as: 

105 



u = A cos cat 

v = B sm(cot - cp) = B cos ̂  sin cot - B sin cp cos <y?' 
(5.3) 

where ^ is the phase error of the quadrature outputs w and v. To find amplitudes A and B, 

and the frequency a of these oscillations, system (5.2) is rewritten as: 

dt 

d2v 
— + a>iv=(a>i- a2 )v + 2(y0 -y2v

2)—-a2 

2 / 2 2 . o /c - o 2x<^« dv 

+ cou = (co -(j\ )u + 2(o0-d2u ) a ,— 
dt dt 

2 dv du 

dt ~~z dt 

(5.4) 

Substituting (5.3) in the right side of equations (5.4) gives: 

—Y + co2u = (co2 -<72)A-axcoB<zoscp cos cot 

1 2 
-2j4<y(^0 S2A } — axcoBcoscp smcot + ... 

(5.5) 

and 

d\ 

dt1 
- + CO V = 

-(co2 -a2 )Bsvacp + 

1 
2(oB(y0--y2B )cosp 

COSfttf 

(co2 - cr2 )i? cos cp + 2a>B(y0 y2B
2) sin cp sin <»/ + ... 

(5.6) 

In steady-state oscillations, substitution of (5.3) makes the left side of equations (5.5) and 

(5.6) equal to zero. This solution is also possible if the coefficients before smcot and cos<»/ 

terms in equations (5.5) and (5.6) are equal to zero. This gives the following system of 

equations: 

(co2 -<r, )A-a^coBsin<p = Q 

-2a>A(S0 S2A
2) + a^2 B sincp = 0 

-(co2 — a2 )Bsin cp + 2coB cos cp(y0 — y2B
2) = 0 

(co2 -a2 ~)Bcoscp + 2coB%mcp(yfi—y2B
2) + a2Aco = 0 

106 

(5.7) 



This solution can be rearranged in terms of amplitude and quadrature error as: 

i r a, B . 
\o0 +——sin$? 

A = 2\ 2 A 

2 2 B 

co —a, —a,a>—cos<z> 

co2 -a2 = -a^o)—cosip 2 2 B 

(5.8) 

5 = 2< 

a, A . 

' r ° + 2 It*™9 

Yi 

Different cases of coupling such as coupling using capacitors, inductors, and transformers 

can be included by modifying equations (5.2) using [116]: 

-7T~2(-So ~S2U )-T+ C 7 i u + aj](v) = 0 
at at 

—r-2(r<,-r2v2)—+a2
2v+a2f2(u) = o 

at at 

(5.9) 

5.4.2 Synchronization characteristics 

Multiplying the second and third equations of (5.8), the frequency of synchronized 

oscillations can be calculated from the following equation: 

(co2 - CF2\(G>2 - cr2)- axa2coA sin2 cp = 0 . (5.10) 

Equation (5.10) shows that the synchronized frequency is less than cr, or larger thana2. If 

the oscillation amplitudes of noncoupled oscillators are \ and B0, and if A0» B0, in other 

words, oscillator A develops more power than oscillator B, then the first two equations of 

(5.8) give: 
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A«2.l-S- = A0 = const 

cox a. 

(5.11) 

Hence, the amplitude and frequency of the oscillator with more power are preserved. This 

oscillator becomes a master and enslaves another oscillator. The oscillator with more 

power, thus, can be considered as the synchronizing source entraining the oscillator with 

less power. Rohde et al. [105] assume that the second oscillator starts to oscillate due to the 

injection mechanism from the first oscillator. The amplitude and frequency of the oscillator 

with less power are calculated using the third and forth equations of (5.8). 

5.4.3 Coupled LC oscillators—Implementation 

Vcc Vcc 

Figure 5-5: Quadarure LC oscillator schematic. 
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The schematic shown in Figure 5-5 can be used to implement an LC quadrature oscillator. 

The core of each oscillator is the NMOS cross-coupled transistor pair. The oscillator core 

can be considered as a negative resistance that compensates for losses of the LC circuit. A 

differential pair couples the two oscillators by sensing one oscillator voltage output and 

injecting a corresponding current into the second oscillator. A soft limiter block can 

represent the differential pair as will be shown in section 5.5.1. The simple linear model 

shown in Figure 5-6 can be used to model phase noise and quadrature accuracy in a 

multistage oscillator [127]. In Figure 5-6, the oscillator core is represented by the 

transconductance Gm, which compensates for losses introduced by the resistor Rp. The 

coupling transconductance is represented by Gmc. The current /„ and the voltage V„ 

represent the current and the voltage over the nth tank, respectively. The coupling strength 

m is the ratio of the coupling transconductance to the core transistor transconductance 

[127]: 

(5.12) 

t l . t L 

C | R 1 L C I R I L 

Figure 5-6: Block diagram of a quadrature oscillator. 
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The phase noise at an offset frequency a>m can be given by [127]: 

C Q 2 com \ 

where K is the Boltzmann constant, T is the absolute temperature, Q is the LC tank quality 

factor, fosc is the oscillator frequency. The factor FQ is given by (l+m)F, where F is the 

noise factor of the stand-alone oscillator. Equation (5.13) indicates that coupling worsens 

the phase noise performance of quadrature LC oscillators. 

The use of center-tapped inductors to design LC oscillators is reported in the literature 

[74]. The center-tapped inductor provides an area reduction compared to the same 

inductance realized using the square spiral inductor shown in Figure 4-7. Due to area 

reduction, substrate losses are reduced, leading to an improved quality factor. As seen from 

equation (5.13), a higher quality factor causes an improvement in phase noise. However, 

designing center-tapped inductors requires powerful electromagnetic simulators. The 

inductors used in the coupled oscillators shown in Figure 5-5, were designed using square 

spiral structures due to the limitations of ASITIC. 

Varactors are used as tuning elements in LC oscillators [74]. Flicker noise upconversion 

and thermal noise produced by varactors increase LC oscillator phase noise [74]. Effects of 

coupling strength on varactor contributions to LC oscillator phase noise were not measured 

in the current study. 
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5.4.4 Effects of coupling strength on phase noise in LC oscillators 

For the purpose of comparison of the effect of coupling in relaxation oscillators and LC 

oscillators, a 5 GHz LC cross-coupled oscillator was designed. The cross-coupled 

oscillator shown in Figure 5-5 was designed, in a 0.18 um CMOS technology with an 

oscillation frequency of 5 GHz. The circuit parameters are: for Mtransistors, (W/L) =100 

um/0.18 um, and for MSL, {W/L) =100 um/0.18 urn. The inductor has a quality factor of 

10. The coupled LC oscillator draws 1 mA from a 1.8 V supply. The simulation was done 

using Spectre RF considering ideal current sources. Using ideal current sources allows one 

to study the effects of other coupled oscillators parameters such as the coupling strength on 

the coupled oscillators' performance. Figure 5-7 shows that the effect of coupling strength 

on LC oscillator performance. In a stand-alone oscillator the phase noise is -131.6 dBc/Hz 

@10 MHz. With weak coupling there is an improvement of 3 dB. But with strong coupling 

(improving the quadrature relationship) the phase noise increases to -123.9 dBc/Hz@10 

MHz. The strong cross coupling shifts the frequency of each single LC oscillator, and after 

locking, the two oscillators operate at a frequency that is different from their free running 

frequency (co0). This result indicates that the oscillators are operating at a frequency where 

the effective quality factor (Q) of each oscillator is lower than the value of Q at <z>#. The 

slight increase in phase noise with weak coupling might be due to the fact that the 

oscillators were initially operating at a frequency where the quality factor is a maximum. 

However, an improvement in phase noise with increased coupling was not observed in the 

LC oscillator as will be shown in section 5.5.3.2. 
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1) Stand alone 
» 2) lSL= 0.4 mA 

3)/S L=3mA 

10 10 10 10 10 

Offset frequency, (kHz) 

Figure 5-7: Influence of coupling on phase noise of an LC oscillator. 

5.5 Coupled RC oscillators 

5.5.1 Coupled RC oscillators—Implementation 

Relaxation oscillators have been widely used to generate quadrature signals [128]—[133]. 

Relaxation oscillators generate time varying periodical output by alternating charging and 

discharging a timing capacitor between two threshold levels. An integrator and a Schmitt 

trigger can be used to model a relaxation oscillator as shown in Figure 5-8.a [130]. The 

Schmitt trigger generates reference levels, compares the integrator output with the 

reference level, and switches the sign of the integration constant. A transistor level 

implementation of the relaxation oscillator is shown in Figure 5-8.b. The integrator in the 

block diagram is realized by a capacitor and the cross-coupled transistors represent the 

Schmitt trigger. The bias current for the Schmitt trigger is used as the integration constant, 
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and the voltage drop caused by the bias currents across the resistors is used as the reference 

signal. The Schmitt trigger compares the capacitor voltages with threshold levels and 

reverses the direction of the capacitor current each time a capacitor voltage crosses a 

threshold level [131]. 

Integrator 
Schmitt 
trigger 

(a) 

Figure 5-8: (a) Relaxation oscillator block diagram; (b) A practical implementation. 

Figure 5-9 shows a block diagram of coupled RC oscillators. A soft limiter (an amplifier 

with saturation) is used to couple the two RC oscillators. The integrator output drives the 

input of the soft limiter. The soft limiter output can be used to synchronize a second 

relaxation oscillator. This technique of cross-coupling two relaxation oscillators can be 

used for quadrature generation [127]. 

A schematic of a cross-coupled relaxation oscillator is shown in Figure 5-10. The soft 

limiters can be implemented by a differential pair. The differential pair input senses the 
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capacitor voltage and the outputs of the differential pair are connected to the second 

relaxation oscillator. 

Integrator Schmitt-trigger 

"Q-
1 A 

f _ 
J B 

B 
J 

_4^ ,_: 
-*<J -J 

h -

r 
^ B 

Figure 5-9: Block diagram of cross-coupled relaxation oscillator. 

Figure 5-10: Quadrature RC oscillator schematic. 

The quadrature error in cross-coupled RC oscillators can be given by [128]: 

, = 90°[l-^4^ (5.14) 
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where / is the average value of the bias current of the core oscillators' currents. AIA and MB 

are the mismatches of the current sources in each oscillator. A drawback of RC oscillators 

compared to LC oscillators is a susceptibility to power supply variations. This is because 

the oscillation period of an RC oscillator depends on the power supply charging current. 

5.5.2 Effect of coupling strength on phase noise in RC oscillator 

In this section we present a simple linear model to investigate the effect of coupling on 

relaxation oscillators' phase noise. Figure 5-11 describes the oscillator block transfer 

function diagram. The Schmitt trigger in this system is a voltage-to-time converter [128]. 

VIA andvrf, represent the input to the Schmitt trigger. Schmitt trigger outputs are given by 

ATA and ATB. V„A andv„£ are two-noise sources in the Schmitt trigger inputs. Block 

parameters are summarized in Table 5-1. 

Figure 5-11: Block diagram representation of cross-coupled relaxation oscillator 

including noise sources. 

115 



Table 5-1: Block diagram parameters. 

KS{A,B] 

Ki{A,B} 

Vi{A,B} 

AT{A,B) 

Vt{A,B] 

GI{A,B} 

Vn{A,B} 

Voltage-to-time converter factor (A 

Time-to-voltage converter factor (A 

orB) 

orB) 

Integrator output (A or B) 

Oscillator (Schmitt trigger) output 

Schmitt trigger input (A or B) 

Soft-limiter gain (A or B) 

Input noise voltages (A or B) 

From Figure 5-11, the following equations are obtained: 

Vu=ATAku, 

ViB=ATBkiB. 
(5.15) 

The noiseless Schmitt trigger inputs are: 

KA = ~ Vu-VmGB, 

- VIB + VUGA, 
(5.16) 

where GA and GB may be different. 

At Schmitt trigger outputs: 

ATB=KB(VtB+v„B)' 
(5.17) 

Solving equations (5.15) - (5.17) for ATA and ATB. 
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A 7 > r v (Lr r \[KiBVnA+KUGBVnB], (5.18) 

AT* a
 K K Lr r \^V"B +K-BG^A] • (5-19) 

Equations (5.18) and (5.19) show that vnA andv„£ are attenuated due to the feedback. Hence, 

to reduce the influence of internal noise in the oscillator, the coupling gain should be 

increased. 

The cross-coupled oscillator shown in Figure 5-10 was designed, in a 0.18 p.m CMOS 

technology with an oscillation frequency of 5 GHz. The circuit parameters are: R = 100 Q, 

for M transistors (W/L) =100 um/0.18 um, and for MSL (soft-limiter coupling transistors), 

(W/L) = 100 um/0.18 p.m, C = 100 fF, / = 3 mA, and /ffl = 3mA (soft-limiter coupling 

current). The circuit supply voltage is 3 V. The simulation was done using Spectre RF 

considering ideal current sources. Figure 5-12 shows the simulated phase noise for a stand­

alone RC oscillator, and for the RC oscillator with coupling. It can be seen that a phase 

noise of-113.85 dBc/Hz @10 MHz offset is improved by 3 dB by coupling. Changing the 

coupling current from 0.1 mA to 3 mA further improves the phase noise performance. With 

ISL = 0.1 mA, the simulated phase noise is -116.80 dBc/Hz @10 MHz. Increasing the 

coupling current to ISL = 3 mA, the phase noise becomes -123.05 dBc/Hz @10 MHz. The 

simulation results are in accordance with theory developed by equations (5.15)—(5.19). 

Numerical comparison between the predictions of the theory developed and the simulation 

results will be considered for future work. With an increase in cross-coupling strength, 
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coupled RC oscillators become less sensitive to noise. In this example, strong-coupled 

relaxation oscillators show an improvement of almost 10 dB in phase noise compared to 

the stand-alone oscillator. 
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Figure 5-12: Influence of coupling on phase noise of an RC oscillator. 

Comparison of coupling effects on phase noise in LC and RC quadrature oscillators is 

shown in Table 5-2. As seen from Table 5-2, coupling strength affects the phase noise of 

LC and RC oscillators differently. In LC oscillators, increasing coupling strength worsens 

oscillator phase noise. However, in RC oscillators, coupling improves phase noise. 

Table 5-2: Phase noise (@ 10 MHz offset) of the LC and RC oscillators. 

Stand alone 

Weak coupling 

Strong coupling 

LC oscillator 

-131 dBc/Hz 

-134dBc/Hz 

-123 dBc/Hz 

RC oscillator 

-113 dBc/Hz 

-116 dBc/Hz 

-123 dBc/Hz 
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5.5.3 Comparison of measurement results between a 5 GHz CMOS LC oscillator and 

RC coupled oscillators 

5.5.3.1 LC and RC oscillator circuit design 

The quadrature LC and RC oscillator schematics shown in Figure 5-5 and Figure 5-10 were 

implemented in TSMC 0.18 um process. The NMOS transistor sizes were chosen in order 

to guarantee start-up conditions and to minimize phase noise. Transistors with a minimum 

available channel length were chosen in order to minimize parasitic capacitances and allow 

quadrature operation at 5 GHz. The differential stage transistor sizes were designed to have 

good quadrature phase accuracy over a large coupling strength range. Spectre RF 

simulators were used in the design process in order to obtain optimum transistor sizes for 

minimum phase noise while achieving quadrature outputs. Transistor dimensions of the LC 

oscillator are: for Mtransistors, (W/L) = (15*5) um/0.18 urn, and for MSL, (W/L) - (15*5) 

um/0.18 um. Transistor dimensions of the RC oscillator are: for M transistors, (W/L) = 

(15*5) um/0.18 um, and for MSL, (W/L) = (20*5) um/0.18 um. The buffer stage shown in 

Figure 5-13 was added to the quadrature RC and LC oscillators' output in order to allow 

each oscillator to drive the 50 ohms measurement system. The stage is composed of a 

common drain NMOS transistor, bias is provided by a current mirror formed by Mi and 

M2. The circuit parameters are: Mi = 10 um/0.5 um, M2 - (5*8) um/0.5 um, and M3 = 

(5*10) um/0.5 um. The buffer stage adds 150 fF to each LC tank circuit. To reduce 

quadrature phase errors caused by mismatch between the two coupled oscillator cores, 
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special care was taken during the layout stage in order to preserve symmetry. Multiple-

fingers were used for the layout of transistor gates in order to reduce gate resistance. 

DD 

M V, 
3 H 
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• bias 
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_̂ 

Figure 5-13: LC and RC oscillator buffer. 

The integrated inductors were designed on the AlCu thick metal layer of a six-metal layers 

process. The thickness of each layer is 2.34 urn and has a sheet resistance of 36 

mohms/square. The inductors have 3.5 turns, metal strip thickness is 10 urn, the distance 

between two metal strips is 1.8 um, and the inductors occupy an area of 150 urn * 150 um. 

The inductors achieved a value of 2 nH and a quality factor of 5 at 5 GHz. The metal width 

and spacing of the integrated inductors were optimised using ASITIC [100] to produce a 

maximum quality factor at 5 GHz. The resistance and inductance of the metal strips 

connecting the inductor to the oscillator core slightly reduce the inductor quality factor. 

The resistors for the RC oscillators were implemented as N+ diffusion resistors. The 

resistivity of an N+ diffusion layer is 59 ohms/square. The width and number of contacts of 

each resistor were optimised according to the final values of the bias current of each 

oscillator. Dummy resistors were added around each section of the original resistor in order 

to reduce the effects of etching on resistor values. Each oscillator included a 75 ohms 
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resistor. The capacitors were implemented with an on-chip MIM (metal-insulator-metal) 

layer. MIM capacitors are suitable for CMOS RF integrated circuits due to their small area 

and high quality factor. 

The following figure of merit (FOM) have been used in literature to compare the 

performance of oscillators [105]: 

FOM = £(A/0) + 101og 

I v / j Pref 
(5.20) 

Where £(A/0) is the phase noise at an offset frequency Af0 from the oscillator operating 

frequency fo, PDC is the power consumed by the oscillator and Pref is a reference power 

level (1 mW). A higher negative value of the FOM indicated a better performing oscillator. 

The comparison results of the performance of the LC quadrature oscillator designed in this 

thesis recently published quadrature oscillator is shown in Table 5-3. 

Table 5-3: Comparison of Quadrature LC oscillators. 

Reference 

[110] 

[112] 

[116] 

This work 

fo 

[GHz] 

1.88-1.98 

1.77-1.99 

4.91-5.23 

5 

Phase noise 

[dBc/Hz] 

-122 

-143 

-107 

-101 

Af 

[MHz] 

0.6 

3 

1 

1 

PDC 

[mW] 

27 

20 

21 

5.4 

FOM 

-178 

-185 

-168 

-168 

The comparison results shown in Table 5-3, indicate that the quadrature oscillator designed 

in this thesis have a FOM comparable to quadrature oscillators reported in literature. 
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5.5.3.2 Measurement results 

A die photograph of the 5 GHz LC and RC oscillators is shown in Figure 5-14. The LC 

quadrature oscillator occupies a die area of 1000 um by 1000 um. The core quadrature 

oscillator draws 1 mA current from a 1.8 V supply. The buffer stage draws 2 mA from a 

1.8 V supply. Each section of the oscillator was powered from a different power supply in 

order to compare the measurements of stand-alone and coupled oscillators. The core RC 

oscillator occupies a die area of 500 jam by 1000 um. The added (ground-signal-ground) 

pad configuration increased the final RC oscillator area to 1000 um by 1000 um. 

Excluding the pads area, the LC oscillator occupies an area of approximately 0.4 mm and 

the RC oscillator occupies and area of 0.2 mm . The core RC oscillator draws 5 mA from a 

3 V supply. The output of the oscillator was measured using G-S-G probes. Measurements 

were taken at room temperature. Quadrature signals from the RC oscillator and the LC 

oscillator are shown in Figure 5-15 and Figure 5-16. The LC oscillator has a quadrature 

output of 43 mVpp at 5 GHz. The RC oscillator has a quadrature output of 45 mVpp at 5 

GHz. The measurements were done using an HP 54120B digitizing scope. Losses in the 

coaxial cables and dc blocks connecting the on-wafer probes to the scope were around 7 

dB at 5 GHz. With losses included, the actual outputs from each oscillator would be close 

to 100 mVpp. 
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LC Coupled oscillator RC coupled oscillator 

Figure 5-14: Die photograph of RC and LC coupled oscillators. The die dimensions are 

1000 |am x 2000 um including the bond pads. 

36.0000 ns 16.5000 ns 17.0000 ns 

Ch. 1 = 10.00 mVolts/div 
Ch. 2 - 10.00 mVolts/div 
Timebase » 100 ps/div 
Ch. 2 Parameters Freq. 5.00000 GHz 

Offset 
Offset 
Delay 
P-P Volts -

1.375 mVolts 
2S0.0 uVolts 
16.0000 ns 
43.125 mVolts 

Figure 5-15: Measured quadrature LC oscillator output. 
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16,0000 ns J6.S000 ns 17.0000 ns 

CM. 1 - 10,00 mVolts/div 
cn. a - IO.OO lovoits/dtv 
TimeBase » 100 ps/fllv 
Ch, S Parameters FPBQ, 5.3023'! GHz 

Offset 
Offset 
Delay 
P-P Volts 

0.000 Volts 
125.0 UVOlts 
16.0000 ns 
47.187 mVolts 

Figure 5-16: Measured RC quadrature oscillator output. 

Phase noise and spectral measurements were done using the phase noise measurement 

capability of the HP 71000 spectrum analyzer. Phase noise measurements using a spectrum 

analyzer produces reasonable results compared to a dedicated phase noise measurement 

system. In addition, the main objective of the current design was to measure the relative 

improvement of phase noise while increasing the coupling strength. Absolute phase noise 

values were of secondary importance in the current study. Results for the measured phase 

noise and the simulated phase noise using Spectre RF are shown in Table 5-4. 

Table 5-4: Phase-noise (@lMHz offset) of the RC and LC oscillators. 

Weak coupling 

ISL = 0.5 mA 

Strong coupling 

ISL = 3 mA 

Phase Noise (dBc/Hz) 

RC oscillator 

Simulated 

-90 

-98 

Measured 

-87 

-97 

LC oscillator 

Simulated 

-101 

-92 

Measured 

-101 

-96 
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Quadrature accuracy was measured using the starting edge detection capability of the 

HP54120B digitizing oscilloscope. Once the locations of the starting edge of each of the 

two quadrature signals is determined, the quadrature error can be calculated by comparing 

the time difference of the two edges to the total signal period. The measured effects of 

coupling strength on quadrature accuracy and frequency shift of the LC oscillator are 

shown in Figure 5-17. For LC oscillators, increased coupling reduced the quadrature error 

from 3.5° to 1.5°. However, the phase noise was reduced by 7 dB. Compared to the stand­

alone oscillator, coupling increased phase noise. For RC oscillators, increasing coupling 

strength reduced quadrature error from 2.7° to 1°. The phase noise was improved by more 

than 8 dB. With increased coupling strength, RC oscillators showed a phase noise and 

quadrature error performance similar to LC oscillators. The variation in frequency with 

coupling in LC oscillators depends on the method of coupling as discussed in section 5.4.1. 

Unlike LC oscillators, coupling in RC oscillators can be realized without a frequency shift 

in the operating frequency. 
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o 
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Figure 5-17: LC oscillator phase error and frequency deviation. 
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5.6 Conclusion 

Various methods of generating quadrature signals using LC oscillators were reviewed. 

Quadrature oscillators can be realized using odd or even harmonic coupling. The coupling 

network acting on the odd or even harmonics can be realized using active or passive 

devices. 

Two LC oscillators, cross-coupled for synchronized operation, are widely used for 

quadrature generation. In this chapter, an analysis of the amplitude and frequency of 

oscillation for two van der Pol oscillators is presented. Theoretical analysis indicated that 

the synchronization frequency will be different from the frequency of each oscillator, and, 

in general the amplitudes will be different. 

Relaxation oscillators can be used to generate quadrature signals. However, their phase 

noise performance is worse than the phase noise of LC oscillators. A block diagram of the 

influence of noise sources on RC oscillator outputs indicates that with a high coupling 

gain, the input noise signal is attenuated by the feedback. RC and LC oscillators were 

compared for effects of coupling strength on phase noise and quadrature error. 

Measurements on 5 GHz CMOS oscillators indicate that RC and LC quadrature oscillators 

are affected by coupling strength differently. Stronger coupling simultaneously improves 

the quadrature relationship and phase noise performance in RC oscillators. Increasing 

coupling to obtain a better quadrature relationship worsens the phase noise performance in 

LC oscillators. Quadrature relaxation oscillators might be considered an alternative to 
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quadrature LC oscillators in applications that require die area minimization (as inductors 

are omitted from the design). 



Chapter 6 

Summary and Conclusions 

6.1 Thesis summary 

The motivation for the current work was the need to improve the performance of 

quadrature oscillators designed in CMOS technology. Achieving this task entailed an 

understanding of the various mechanisms affecting significant oscillator parameters such as 

phase noise and quadrature accuracy. A comprehensive study of MOSFET noise modeling 

and quadrature signal generation using CMOS LC and RC oscillators is presented. 

In Chapter 3, high frequency MOSFET models and noise models were investigated. 

Several noise models suitable for MOSFETs operating at radio frequencies were compared. 

NMOS devices with channel widths of 120 jam (20 jam* 6 fingers) and channel lengths of 

0.18 um, 0.36 um, and 0.54 urn were compared. The drain thermal noise was measured 

over a frequency range of 3 GHz to 6 GHz and a gate overdrive voltage of 0.2 V to 1.2 V. 

The model proposed by Deen et al. [31] for drain thermal noise provided the best match 

between measured and simulated results for all devices. 

Guidelines needed for the design and optimization of VCO phase noise have been 

reviewed. These guidelines were applied to the design of a 5 GHz quadrature LC oscillator 

in CMOS 0.18 fim technology. The oscillator was designed using cross-coupled 

differential topology. Relaxation oscillators can be used to generate quadrature signals, 
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however, their phase noise performance is worse than that of LC oscillators. Measurements 

on 5 GHz CMOS oscillators indicate that RC and LC quadrature oscillators are affected by 

coupling strength differently. Stronger coupling simultaneously improves the quadrature 

relationship and phase noise performance in RC oscillators. Increasing coupling to obtain a 

better quadrature relationship worsens the phase noise performance in LC oscillators. A 

relaxation oscillator might be considered an alternative to an LC oscillator in applications 

that require die area minimization (as inductors are omitted from the design). RC 

oscillators can also be realized in low cost technology as a thick metal layer is not required. 

Considering that the current consumption of RC oscillators is higher than that of LC 

oscillators, high performance can be achieved by spending more power. 

6.2 Author's contribution 

The topics covered in this thesis contribute to two areas of RF front-end design: noise 

modeling in RF MOSFETs and quadrature signal generation using RC and LC oscillators. 

Comparisons between the predictive capability of several MOSFET RF noise models and 

experimental results obtained in this study have proved to be a valuable benchmark for the 

development of future noise models [134]. An extensive model extraction procedure is 

presented. An automatic tuner based noise parameters measurement system is discussed. 

Measurements were made on MOSFETs fabricated in TSMC 0.18 urn technology. 

The second topic includes a study of quadrature LC and RC oscillators emphasizing 

frequency, amplitude of oscillation, and phase noise. First, we studied coupled oscillators 
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using ideal blocks, then we proceeded to circuit level. A review of state-of-the-art phase 

noise models is presented. Results indicate that, with increasing coupling strength, 

quadrature RC oscillators can be considered as alternatives to quadrature LC oscillators. 

We confirmed the theoretical proof and simulation results by measurements done on 5 

GHz quadrature RC and LC oscillators built in TSMC 0.18 urn technology [126], [135]. 

The development of quadrature mutually coupled LC oscillators is limited by an effort to 

stay in the frame of linear theory. However, a full explanation of synchronization can be 

obtained only by referring to nonlinear theory, as synchronization is a deeply nonlinear 

phenomenon. We present a theoretical model, which predicts amplitude and frequency of 

oscillation of two coupled van der Pol oscillators [126]. 

The topics studied over the period of this research led to contributions in the area of RF 

front-end design, including the design of a new configuration for a CMOS two-stage wide­

band amplifier [136] and a new CMOS wideband RF front-end for multistandard low-IF 

wireless receivers [137]. Novel architectures for CMOS voltage references suitable for low 

voltage operation were presented in [138], [139]. However, these contributions are outside 

the scope of this thesis. 

A. Allam, and I. M. Filanovsky, "High frequency channel noise measurement and 
characterization in deep submicron MOSFETs," J. Analog Integrated Circuits and 
signal Processing, submitted. 
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6.3 Recommendations for further studies 

The work presented in this thesis suggests opportunities for further research. 

Recommendations for future projects are outlined in this section. 

RF building blocks implemented in current CMOS technology and having performance 

comparable to RF circuits built in other semiconductor technologies have been reported. 

Although RF noise models for current CMOS technologies were presented in this thesis, 

further research is needed to study the effects of downscaling on CMOS RF noise 

performance [31]. An important issue of future work is the study of shot noise due to gate 

tunneling and its correlation to drain and gate noise sources. In the current noise models, 

parasitic resistances surrounding the MOSFETs were assumed to be bias independent. 

Noise generated due to bias dependence of the parasitic resistances needs to be modeled 

[31]. 

The focus of this thesis was modeling and measurement of noise sources in linear RF 

building blocks. A linear noisy two-port can be represented by a linear noiseless two-port 

driven by two hypothetical noise sources. In addition, measurement techniques for noise 

parameters for a linear two port have been demonstrated. In nonlinear RF circuits such as 

oscillators and mixers, noise frequency conversion plays a significant role. A unified 

method of modeling noise sources of devices operating nonlinearly is absent. More work is 

needed to study modeling of noise sources, measurement techniques, and frequency 

conversion mechanisms in RF circuits operating in the nonlinear regime. Optimizing noise 
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performance of nonlinear RF circuits is an ongoing goal. A setup for nonlinear noise 

measurement was demonstrated in [67]. 

In this thesis we proposed quadrature RC oscillators as potential candidates for quadrature 

LC oscillators in modern RF transceivers. RC oscillators have the advantage of reduced 

area compared to LC oscillators. In addition, RC oscillators can be integrated in standard 

CMOS processes. However, a drawback of RC oscillators is high power consumption. A 

future research topic, would be to investigate design methodologies to reduce power 

consumption of RC oscillators. 

The LC oscillators compared in this thesis were coupled using the first harmonic. In this 

type of coupled oscillators, phase noise was increased with increasing quadrature power. 

Effects on phase noise of other methods of coupling (for instance second harmonic 

coupling) is an important topic for future research. 

The inductors used in the LC coupled oscillators shown in Figure 5-5, were designed using 

square spiral structures due to the limitations of ASITIC. A future project could investigate 

the area saving and phase noise improvement introduced by designing LC coupled 

oscillators using center-tapped inductors. 

The current study did not include estimates of the effects of varactors on coupled LC 

oscillators' phase noise performance. The effects of varactors on coupled LC oscillator 
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phase noise could be studied and compared with varactor effects on coupled RC oscillators 

with similar tuning ranges. 

The inductor value required for an LC oscillator is reduced as the frequency of operation is 

increased. A future topic would consider the reduction in inductor size in a coupled high 

frequency oscillator while comparing coupled RC oscillators operating at the same 

frequency. 

Phase noise theory of stand-alone oscillators has been extensively studied. This wealth of 

literature does not exist for coupled oscillators. A mathematical theory is needed to study 

the effects of coupling strength on phase noise and quadrature error in coupled oscillators. 
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Appendix A 

CMOS Voltage Controlled Oscillator 

A.l Introduction 

This appendix summarizes the design procedure of a negative resistance oscillator using a 

complementary topology in conjunction with PMOS varactors to realize a fully integrated 

VCO. The schematic of the oscillator is shown in Figure 4-6. There are several reasons for 

the superiority of the complementary structure over the all-NMOS structure. The 

complementary structure offers higher transconductance for a given current, which results 

in faster switching of the cross-coupled differential pair. This structure also offers better 

rise- and fall-time symmetry, which results in less up-conversion of flicker noise and other 

low frequency noise sources [97]-[140]. The selection of a differential oscillator topology 

imposes some design constraints on inductor and varactor selection as will be shown in 

sections A.2 and A.3. 

A.2 Inductor selection 

A simplified expression of the LC oscillator phase noise can be given by 

[8]: 

C(Aco) = 10.log ' 2KT 

p. 

ca0 ^ 

2QAa) 
(A.1) 
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where C (co) is the oscillator phase noise at an offset frequency of Aco from a carrier 

frequency co0, Psig is the carrier power, and Q is the tank circuit quality factor. The 

oscillator operating frequency is given by: 

a>0 = -^JLCeq . (A.2) 

where L and Ceq are the equivalent inductance and capacitance of the parallel tank circuit. 

The impedance of the tank at resonance is equal to Rp, and can be given by: 

^ = L - ^ L - (A3) 

where Rs is a series resistance that models the loss of the inductor. A large inductance value 

is desired in order to maximize the equivalent parallel resistance of the tank. Increasing 

this resistance lowers the power consumption since the transconductances required to start 

the oscillator become smaller. In addition to the loss of die area, maximizing the value of 

the inductor entails two trade-offs. First, the self-resonance frequency of the inductor 

decreases, approaching the oscillation frequency of interest. Second, the tank capacitance 

becomes limited by the inductor parasitic capacitances, making it difficult to vary the 

frequency by adding a variable capacitor to the oscillator. Thus, a compromise in selection 

of the inductor size is usually necessary. 

A.3 Varactor selection 

The tunable element of the VCO is implemented using a PMOS varactor [99]. Although 

the varactor contribution to the VCO total phase noise is low, PMOS varactors were shown 

to introduce lower phase noise than their NMOS counterparts [99]. The PMOS varactors' 
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capacitances combined with the VCO active elements parasitic capacitances form the total 

tank capacitance. Two of these PMOS varactors are connected in series to preserve 

symmetry. The tuning voltage is supplied at the common drain-source node. 

A.4 Experimental results 

The above guidelines were used in the design of a VCO using TSMC 0.18 jam technology. 

The oscillator layout is shown in Figure A. 1. The die photograph of the oscillator is shown 

in Figure A.2. The VCO operates from a 1.8 V supply and the oscillator core consumes 5 

mA of current. Including the on-chip inductors, the oscillator occupies an area of 900 urn 

by 500 um including the pond pads. The total die area is 2300 pm by 1700 pm. The die 

includes transformer test structures that were not covered in this thesis. The VCO output at 

900 MHz is shown in Figure A.3. Phase noise at 600 kHz from the 900 MHz carrier was 

measured to be -82 dBc/Hz as shown in Figure A.4. With a control voltage ranging from 

0.5 V to 1.8 V the VCO was able to oscillate from 850 MHz to 900 MHz. The tuning 

characteristics of the VCO are shown in Figure A.5. 

Figure A. 1: Oscillator layout. 
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Figure A.2: Oscillator die photograph including test structures. The oscillator 

dimensions are 2300 um x 1700 um. 
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Figure A.3: Oscillator output at 900 MHz. 
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Figure A.4: Oscillator phase noise at 600 kHz from the 900 MHz carrier. 
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